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Abstact

Currently, most pure electric vehicles (EVs) in the commercial market are equipped

with a single-speed transmission. However, this configuration presents some disad-

vantages such as compromised driveability performance and lower overall efficiency

due to the limited freedom in determining optimal states for motor drives. There-

fore, using multi-speed transmission (MST) in EVs is regarded as a viable scheme

to improve the EV performance further. This thesis focuses on the control of a

dual motor-based multi-speed transmission. More specifically, the thesis centres on

the following three research topics: 1) powertrain modelling and model-based torque

observer design; 2) high-performance motor control including position/speed sensor-

less operation, controller and observer design under low pulse ratio, and closed-loop

control based on synchronized pulse width modulation; 3) gearshift control includ-

ing coordinated torque and speed control of two motors, speed synchronization and

active vibration damping control.

The first part of this thesis introduces the configuration of the studied MST, its

advantages and the issues need to be addressed. Additionally, the detailed transmis-

sion and motor models are developed for theoretical analysis and controller design.

The requirement of the motor drive in an EV involves more than the satisfactory

steady-state performance but also fast dynamic response and high battery-to-motor

efficiency. The control of motor drive is the fundamental based on which an EV can

be driven efficiently, comfortably and safely. Therefore, the second part of this thesis

work develops control schemes for the induction motor (IM) and permanent magnet

synchronous motor (PMSM) which are currently the main choices for EVs. The



xxviii

improved observers are designed to achieve position/speed sensorless control. The

impact of discrete-time implementation is investigated to ensure stability and fast

dynamic response under low pulse ratio. Simulation, experimental tests and com-

parative studies with the prior methods were carried out to validate the superiority

of the proposed methods. Finally, a closed-loop torque control scheme along with

active vibration damping is proposed to achieve high-quality gearshift. Considering

the measurement of shaft torque is not feasible in practical application, a discrete-

time sliding-mode torque observer is further designed to provide the feedback signal

for the proposed controller.

Owing to the sophisticated structure design and advanced control schemes, not only

the driving comfort but also the reliability and efficiency of the whole system can

be greatly improved. The feasibility and effectiveness of the proposed methods are

confirmed by simulation and/or experimental tests.
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Chapter 1

Introduction

1.1 Background

The automobile brings convenient and fast transportation to the human on the

one hand but causes high energy consumption of fossil fuel and air pollution on

the other. Conventional internal combustion engine (ICE) vehicles have proven to

be one of the major contributions to carbon emission and air pollution. For sus-

tainable development, the shift to EVs picks up the rate during the past years.

From the technological perspective, the market share of EVs gradually increases

recently due to the rapid development of the battery, fast charger, powertrain, and

so on. To meet the demanding market requirements, researchers and engineers

have investigated various motor drives and transmission systems. Nowadays, it is

generally acknowledged that EV is a feasible solution for urban mobility and have

attracted much attention from both academic and industrial communities. Many

vehicle manufacturers have produced pure electric vehicles and hybrid electric ve-

hicles, e.g. Tesla Motors, BMW, Mercedes-Benz, Volvo, Audi, General Motors. It

can be expected that electric vehicles would be more popular in the future. For a

conventional vehicle, the powertrain is made up of engine, transmission, and drive-

train. The transmission system is used to adjust the engine’s speed and torque to

match the demands of different operating conditions. After the transmission, the
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Fig. 1.1: A simple illustration of powertrain
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for a typical engine over the operating

range

torque and speed are transferred to wheels through the drivetrain which includes

differential, driveshaft, etc.. The powertrain must be properly designed and opti-

mized for satisfactory vehicle performance, such as less fuel consumption, driving

comfort, minimal noises and cost reduction. The illustration of a typical powertrain

is shown in Fig. 1.1. Nowadays, fossil fuel engines are still the main power sources

for road vehicles. The typical engine characteristic is illustrated in Fig. 1.2 [7]. It

is clear that the operating range of the engine is limited and thus the car cannot be

driven over a wide speed range. As a result, transmission is still indispensable in

the modern vehicle industry.

Unlike the engine, motor speed and torque are more controllable with satisfactory

dynamic performance. By employing advanced control schemes, full torque can be

provided from standstill to the rated speed. As an electric vehicle can not gain as

much benefit from using multi-gear transmissions as that for a conventional vehi-

cle, commercialized pure EVs are mainly equipped with single speed transmissions,
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based on the tradeoffs between total cost, complexity of the system, etc.. How-

ever, it is still suggested in the existing research to employ multi-speed transmission

(MST) for better driveability and overall efficiency [8–12]. With the proper MST

configuration and control schemes [9], the power interruption during gearshift can

be avoided. Thereby, the long-term cost could be reduced without sacrificing driv-

ing performance [13]. In [13], battery electric vehicles equipped with three types

of transmissions, namely single-speed transmission, dual clutch transmission (DCT)

and continuously variable transmission are compared regarding cost and perfor-

mance (efficiency, driving range and acceleration). The results show that the vehicle

performance is improved and the customer’s money is saved from a long-term sight

when the multiple speed transmission is equipped. Conventionally, a friction clutch

or torque converter is used in the MST to facilitate smooth gearshift. The main defi-

ciency of those mechanisms is relatively low efficiency [14]. Hence, it is suggested in

many studies to remove such components in an EV transmission by taking advantage

of the controllability of an electric motor [12, 15, 16]. But on the other hand, the

friction clutch or torque converter can isolate/attenuate torque oscillations in the

driveline. If they are not implemented, system damping is significantly reduced, and

thus sophisticated control schemes must be designed to avoid long-duration oscilla-

tions during and after transient processes. Aiming at obtaining better performance

and solving torque interruption in the traditional configuration, a dual motor-based

multi-speed transmission (DMMT) as shown in Fig. 1.3 is proposed at University

of Technology Sydney. Two motors M1 and M2 are connected to primary shafts.

By controlling the dog clutches D1, D2 and D3, two motors can work separately or
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Fig. 1.3: Schematic configuration of the studied powertrain

simultaneously. Although there are only four gear pairs, 13 different working states

are available, which are summarized in Table 1.1.

In the table, “0” indicates a dog clutch is disengaged while “1” means the dog clutch

is engaged. The two columns “M1” and “M2” on the right side represent the gear

pairs, through which the output torque of the motor M1 and M2 is transmitted

to the final drive. “0” in the “M1” and “M2” means the corresponding motor is

powered off without connection to the transmission. It is found from the table

that the motor M1 can work in series or in parallel with the motor M2, or even

work alone. In real-time operation, the state leading to the minimum power loss

is selected by the power management controller to improve the overall efficiency

of the powertrain. It should be mentioned that a by-product of two motors is the

redundancy of the power source which can be utilized to improve the reliability. For

example, the motor M1 is isolated if it breaks down and M2 can still deliver the

power to the vehicle. In short, the operation mode is versatile for the DMMT, which

can be utilized to optimize efficiency or drivability [17].
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Table 1.1 : Possible working states of the DMMT

No. D3 D2 D1 M1 M2

1

0

0

0 0 0

2 1 G1 0

3 1 G3 0

4

1

0
0 G2

5 0 G4

6

1

G1 G2

7 G1 G4

8 G3 G2

9 G3 G4

10

1

0
G1 G1

11 G3 G3

12
1 0

G2 G2

13 G4 G4
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Similar architecture can be seen in [18]. However, there is no dog clutch D3, and

M1 and M2 can only work in separate conditions. While in the presented DMMT,

M1 and M2 can work separately with the connection to different gears or simulta-

neously by connection to the same gear. As dual motors need to be coordinately

controlled in the DMMT, the complexity of the control system is relatively higher

compared with the single motor-based transmission. Though it is expected that

multi-speed transmission shown in Fig. 1.3 could bring many benefits, its design

and control are much more complex. As part of the project, this thesis focus on the

high-performance control of motor drives and gearshift for obtaining high efficiency,

reliability and better driving comfort.

1.2 Research Objectives

The widespread use of EV technologies would contribute significantly to reducing

the dependence of vehicles on fossil fuels and decreasing greenhouse gas emission.

In an EV control system, the performance of the motor drive and gearshift control

can be directly observed by the passenger and thus have a great impact on customer

experience.

The thesis work includes two main parts: motor control and gearshift control. Motor

control is fundamental in the system based on which the function of energy man-

agement, gearshift control, shaft oscillation damping control, etc. can be achieved.

First, several high-performance current controllers for different motor drives are de-

veloped and verified by simulation and experimental tests. Then, the position/speed

sensorless control methods are investigated for the operation under sensor fault con-
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dition, which is known as limp-home mode in EV applications to improve the safety

and reliability of the whole system [19]. Finally, the gearshift control strategy along

with the active vibration damping method is developed based on the validated motor

control schemes. The detailed research objectives of this thesis can be summarized

as follows:

• Literature review and discussion on EV transmission, shifting control strategies

and motor control schemes

• Development of a detailed mathematical model for the studied DMMT and

investigation of modelling induction motor (IM) and permanent magnet syn-

chronous motor (PMSM)

• Design of observers for the IM and PMSM to estimate flux and achieve posi-

tion/speed sensorless operation

• Design of discrete-time current controller for IM and PMSM under low pulse

ratio to improve the dynamic response and robustness against parameter mis-

matches

• Development of the method to integrate synchronized pulse width modulation

into the closed-loop current control

• Theoretical analysis of the shaft resonance induced by the motor torque vari-

ation and design of the active damping controller

• Design of torque observer to estimate the torque transmitted by the dog clutch

with the purpose to provide the basis for the gearshift control
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• Development of coordinated torque and speed control strategy for dual motors

to achieve fast and smooth gearshift

1.3 Outline of Thesis

The remaining part of this thesis is organized as follows.

Chapter 2 presents a comprehensive literature survey of various vehicle transmis-

sions, motor drives, high-performance motor control schemes and shifting strategies.

The strengths and weaknesses of the existing research in the concerned areas are

explained. After that, the issues that cannot be simply solved by the prior methods

are briefly introduced.

Chapter 3 describes the basic principle and the dynamic model of the studied

DMMT. The IM and PMSM models are also presented. This chapter provides

fundamentals for theoretical analysis and development of observers and controllers

in this thesis.

Chapter 4 introduces high-performance control schemes for IM drives, including the

adaptive observer for speed-sensorless operation with the ability to start a free-

running motor, design of a digital current controller, methods to integrate the syn-

chronized PWM into closed-loop current control. Simulation and experimental re-

sults are illustrated to verify the effectiveness of the proposed methods.

Chapter 5 presents high-performance control schemes for PMSM drives. A sliding-

mode observer is designed with inherent filtering capacity for position/speed-sensorless

operation. Discrete-time current controllers are designed and compared with the
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existing ones. The synchronized PWM is also incorporated and tested in the closed-

loop current control. Simulation, experimental tests and comparative studies were

carried out to validate the superiority of the developed methods.

Chapter 6 describes the development of an extended sliding-mode torque observer

(SMTO) for the estimation of the torque transmitted by the engaged dog clutch. The

analytic relationship between the estimated torque and its actual value is derived

to facilitate performance analysis of the developed SMTO. Comparison with the

prior method and experimental tests were performed to show the advantages of the

proposed SMTO.

Chapter 7 shows shifting control of DMMT. First, the shifting process and the

corresponding control schemes are developed. Then, the torsional vibration is an-

alyzed, and an active damping controller is subsequently proposed. Finally, the

shifting control and active vibration damping are combined to achieve smooth and

fast gearshift.

Chapter 8 reviews and summarize the work presented in the previous chapters. The

potential research works that need further studies are also briefly introduced.
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Chapter 2

Literature Survey

2.1 Transmission for EVs

In the design of a new EV powertrain, the performance of the transmission sys-

tem is one of the major concern. Currently, most commercial EVs are equipped

with a single-speed gearbox, which is a cost-effective solution while without signifi-

cant performance limitation. However, much research has validated that employing

multi-speed transmission could significantly improve the energy efficiency and driv-

ability through a more flexible selection of motor operating conditions [13, 16, 18, 20].

Meanwhile, battery and motor sizes can be reduced [21].

Among different types of transmissions, the manual transmission (MT) has higher

efficiency. The main drawback is that it requires driver’s attention to operate clutch

during each gear shift. In an automatic transmission, gearshifts are achieved auto-

matically. The gear set is selected by a transmission control unit (TCU) to satisfy

the requirement of energy efficiency and drivability. There are several automatic

transmissions available in the market, such as planetary-gears-automatic transmis-

sion (AT), automated manual transmission (AMT), continuous variable transmis-

sions(CVTs) and dual clutch transmission (DCT) [22]. AT consists of the planetary

train, wet clutches and torque converter, which make it relatively expensive and less

efficient [23]. AMT presents as high efficiency as MT, but there would be temporary
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torque interrupt during gear shifts which significantly degrades its performance [11].

Unlike the limited gear ratios that AT, MT and AMT offer, CVT is the infinitely

variable transmission system, in which the gear ratio can be adjusted smoothly

from zero to its highest ratio. CVT can offer a more comfortable feeling and higher

fuel efficiency owing to the possibility of continuous and smooth gear ratio change.

However, the major drawback of CVT is its lower torque capacity [24], and thus

its application is limited. DCT can be regarded as a combination of two AMTs.

Hence, DCT has two paths to deliver the power from the engine to wheels. As one

of the clutches will pre-engage before the other one disengages during the gear shift,

it is possible to eliminate or reduce power loss during gear shifting [13]. AT and

DCT can offer better driving comfort by eliminating or reducing torque interrup-

tion. However, the hydraulic control system, friction clutches and clutch-to-clutch

shift introduce additional parasitic losses [25], which can be the significant sources

of inefficiencies [26].

More or less, conventional transmission system has shortcomings when directly ap-

plied to EVs. This encourages the development of some novel transmission systems

to meet the demanding requirements of size, cost, efficiency, driveability, and drive

comfort. For instances, some two-speed transmissions are presented in [9, 23, 27]

with control schemes investigated to achieve seamless gearshift. Due to the limited

gear ratios in a two-speed transmission, it is still hard to optimize the efficiency and

drivability simultaneously.

With the state-of-the-art design techniques, the maximum power density of EV

motors can be up to 18 kW/L [28]. Additionally, exhaust pipe and fuel supply unit,
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etc. are not required in a pure EV. Therefore, it is not a problem to install two

electric motors in a powertrain system [16]. As shown in Fig. 1.3, a novel dual

motor-based multi-speed transmission (DMMT) is investigated in the University

of Technology Sydney. The DMMT combines the merits of AMT, DCT and AT

without their significant negative aspects. In DMMT, two motors are employed,

and one of them can increase output power temporarily when the other one is

disengaged during shifting process. Hence, torque interruption can be eliminated

with this novel transmission. As stated in Chapter 1, there are 13 possible states

in this transmission. Hence, more freedom and flexibility are available to optimize

transmission and motor operating conditions to obtain better overall performance.

Additionally, as no friction components such as dry/wet clutches and synchroniser

are adopted in the DMMT, high efficiency of the transmission can be expected.

2.2 Powertrain Modelling

The powertrain is a fundamental subsystem in a vehicle and modelling of vehicle

powertrain is critical for evaluating the design and control performance of the whole

system. The dynamic equations of powertrain can be derived in different ways de-

pending on the research purpose. On the one hand, to capture the detailed transient

behaviour in simulation, it is necessary to model the powertrain as accurately as pos-

sible. On the other hand, the model should be reasonably simplified to facilitate

controller design and theoretical analysis.

In [29], four degrees of freedom and fifteen degrees of freedom models of a DCT

equipped powertrain are investigated and compared for vibration analysis and shift
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transient simulations. It is shown that the fourth-order model can capture low order

shuffle mode response, but the higher frequency of vibration responses in fifteenth-

order model is not present. The similar conclusion can be found in [30], in which a

simplified model is built to capture the low-frequency torsional vibration in a series-

parallel hybrid propulsion system. To study the efficiency of the powertrain, the

numerical models for evaluating drag torque are developed in [25]. The results show

that viscous shear in the wet clutch and gear churning losses are main contributions

to the whole drag torque.

For an in-depth study of the dynamics of a powertrain, a detailed model is certainly

preferable, such as those in [29]. However, when coming to powertrain control, a

simplified model contains information of concerned behaviour and control variables

is usually enough for controller and observer design from the view of engineering

application. For example, torque observer, and Kalman filter are designed based on

reduced order model in [31] and [32] respectively. In [33], it is assumed that the

engine, torque converter and gearbox are all rigid multibody system connected to

each other by ideal rigid joints. The simulation and experimental results validate

the effectiveness of the assumption in the studied example. In the shifting control of

a clutchless automatic manual transmission [12], a lumped-inertia driveline model is

adopted, and the results show that using a simplified model for analysis could lead

to satisfactory performance. In this research, a detailed model will be developed

for transient simulations, but some simplifications will be made for controller and

observer design.
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(a) (b) (c)

Fig. 2.1: Cross section views of (a) IM, (b) PMSM and (c) SRM. [3, 4]

2.3 Electric Motor for EVs

Electric motor drives play an important role in EVs, which form the core energy

conversion system in the EV driveline. The requirements of an electric machine

for traction applications include not only high power density and high efficiency

over a wide speed and torque range but also high reliability, lower vibration, ac-

ceptable cost, etc. [3, 28, 34, 35]. To satisfy these requirements, few types of the

motor have been adopted in the EV industry. More specifically, induction motor

(IM), permanent-magnet synchronous motor (PMSM) and switched reluctance mo-

tor (SRM) are normally considered as potential candidates for the traction motor.

The typical cross section views of IM, PMSM and SRM are illustrated in Fig. 2.1.

Much research has been conducted trying to figure out which one is most appro-

priate for the electric-propulsion system [34, 36–39]. Generally speaking, PMSM

presents higher efficiency and lower size under the condition of the same power and

torque requirements, while IM is featured by lower cost and higher reliability. SRM
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Table 2.1 : Traction motors applied in EVs and HEVs.

Manufacturer Model Traction Motor

Honda Insight, Civic, Accord PMSM

BMW i3, i8 PMSM

Chevrolet Volt & Energi PMSM

Toyota Camry, Prius C & V PMSM

Ford Fusion SE Hybrid PMSM

Tesla Roadster IM

GM EV1 IM

Ford Focus Electric IM

Honda Fit EV IM

Holden Ecommodore SRM

is currently emerging as an attractive alternative due to its simple and rugged mo-

tor construction, undemanding cooling, inherent fault tolerance and high efficiency

[40]. However, high acoustic noise and torque ripple are the main drawbacks of such

motors. Though various techniques have been proposed to address such problems

[41, 42], the acoustic noise remains a challenging issue to be addressed [43]. Hence,

IM and PMSM are currently the main choices for EVs in the commercial market.

Table. 2.1 shows different traction motors applied in the EVs and hybrid electric

vehicles (HEVs) [4]. As surface mounted PMSM has limited overload capacity [3],

the PMSM discussed here refers to interior PMSM (IPMSM).
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One of the major concerns of motor selection is its efficiency. It should be noted that

the motor efficiency map does not only relates to the motor itself but also depends

on control schemes. Equipped with a smarter inverter, both IM and PMSM can be

driven in an efficient way [44, 45]. Though the peak efficiency of IM is lower than

PMSM, the average efficiency during normal driving conditions could be comparable

to the PMSM when the loss minimization scheme is applied [36, 46]. In IM and

PMSM, the losses mainly include copper loss and iron loss. The iron loss can be

expressed by Steinmetz equation [34]:

Piron = khfB
2 + kecf

2B2 + kexf
1.5B1.5. (2.1)

where f and B are the operating frequency and magnitude of the magnetic flux

density. kh, kec, and kex are the coefficients of the hysteresis loss, eddy current loss,

and excess loss, respectively. For IM, copper loss can be calculated as

PIM = 3Rsi
2
s + 3Rri

2
r (2.2)

where, Rs and Rr represent stator resistance and rotor resistance. is and ir are

stator current and rotor current respectively. For PMSM, there is only copper loss

in the stator windings, which can be expressed as

PPMSM = 3Rsi
2
s. (2.3)

In the rotor flux oriented synchronous reference frame, stator current can be de-

coupled into flux component id and torque component iq [47]. By controlling id

and iq, flux magnitude and output torque can be indirectly controlled. For IM, the
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electromagnetic model can be expressed as (2.4) and (2.5).

ψr = Lmid (2.4)

Te =
3

2
np
Lm
Lr

ψriq (2.5)

where, ψr is the magnitude of rotor flux and Te is the torque. At high speed under

steady-state condition, the required voltage from the inverter can be approximately

expressed as [47]:

Us = −ωeσLsiq + jωeLsid (2.6)

where ωe is output frequency of the inverter, Ls is stator inductance, and lσ = 1−

L2
m/(LsLr) is the total leakage coefficient. As σ is designed to be small for obtaining a

wider operating range [3], the required voltage at high speed is dominated by ωeLsid.

Due to the limited battery voltage, id must be gradually decreased with increasing

ωe in flux-weakening region. As a result, higher efficiency can be obtained during

high speed operation with a light load. This is because both iron loss and copper

loss would decrease in this case, due to reduced flux density and smaller current.

For a PMSM, the torque is given by

Te =
3

2
np(ψpmiq + (Ld − Lq)idiq) (2.7)

where, ψpm is permanent magnetic flux, Ld and Lq are d-axis and q-axis inductances.

For better efficiency, maximum torque per ampere (MTPA) operation is usually

adopted in practical application [48]. With MTPA strategy, d-axis current id can

be expressed as (2.8) if the voltage drop in phase resistance is neglected [45].

id =
ψpm

2(Lq − Ld)
−

√
ψ2
pm

4(Lq − Ld)2
+ i2q (2.8)
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When entering flux weakening region, d-axis and q-axis current relationship can be

expressed as [45, 49]

id = −ψpm
Ld

+
1

Ld

√
V 2
lim

ω2
e

− (Lqiq)2 (2.9)

where Vlim is the maximum voltage available from the inverter. In flux weakening

region with increasing speed, d-axis current for IM gradually decreases while it

increases for PMSM. Hence, the efficiency of IM would be comparable with PMSM

in high speed region [28]. However, IM needs d-axis current to excite flux and there is

additional copper loss in the rotor. To generate the same torque, the required current

for IM is generally higher than that needed for PMSM in low-speed region. As a

result, the PMSM presents higher efficiency at low speed operation. An illustrative

comparison of efficiency map of IM and PMSM is shown in Fig. 2.2 [50]. It can

be seen that IM and PMSM present different distributions of efficiency. Hence, it is

possible to use both motors in the investigated DMMT so as to take advantage of

their merits at different operating points.
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Fig. 2.3: Schematic diagram of FOC.

2.4 Control of IM and PMSM Drives

For high-performance control of IM and PMSM, two well-established control schemes

are field oriented control (FOC) [47, 51], and direct torque control (DTC) [51–53].

Both methods have been commercialized. DTC can present very fast dynamic re-

sponse while FOC exhibits better steady-state performance, especially during low

speed operation. Recently, model predictive control (MPC) has attracted wide at-

tention from both academic and industrial communities owing to its fast dynamic

response, ability to operate at optimized points and flexibility of handling constraints

[54–58]. It is shown that the performance of MPC is comparable to FOC [59, 60] and

usually better than DTC [55, 61, 62] under the similar average switching frequency

in medium and high speed ranges. The typical schematic diagrams of FOC, DTC

and MPC are shown in Figs. 2.3, 2.4 and 2.5 respectively.

Control Methods for IM Drives

1. FOC

The basic principle of FOC is to decompose the stator current into the flux compo-
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nent current id and torque component current iq according to the position of rotor

flux vector. It should be noted that the outer controllers such as speed/flux con-

troller and field-weakening strategy are not presented here. In most applications,

the proportional-integral (PI) controller is used to regulate stator current to track its

reference. The reference of torque component current irefq can be generated from the

braking pedal, acceleration pedal or speed controller, with the braking pedal input

overriding for the safety reason. FOC’s performance heavily relies on the tuning of

the current controller. For high speed and low switching frequency operation, the

conventional FOC tends to be unstable and the controller must be carefully designed
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to achieve fast and robust current regulation [5, 63–65].

By decoupling back-electromotive force (EMF), the current control loop can be

modeled as a resistor and inductor [5]. The transfer function is

ies(s)

ues(s)
=

1

R + L · s
(2.10)

The subscript e represents the field-oriented reference frame. For a given power

rating, the motor’s volume is approximately inversely-proportional to its rated speed

[66]. Hence, the motor used in an EV is usually designed with a high rotating speed

in order to achieve higher power density. FOC is implemented in the field-oriented

reference frame rotating at the speed of ωe. Therefore, the phase error caused by

frame rotation during delay period should be compensated especially at high speed.

The delay effect in the field-oriented reference frame can be expressed as (2.11) [63].

Ge
d =

e−1.5jωeTs

2
ωeTs

sin(ωeTs
2

)
e−1.5Tss (2.11)

GPI =
kps+ ki

s
(2.12)

If the PI regulator (2.12) is employed, the closed-loop transfer function can be

derived as (2.13) according to the diagram shown in Fig. 2.6.
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Fig. 2.7: Pole-Zero map of the closed-loop system (2.13) when the synchronous speed varies from

10-350 Hz.

Gcl =
k(sL+R)Ge

d

s(sL+R + jωe(L−Ge
dL)) + k(sL+R)Ge

d

(2.13)

From the pole-zero map in Fig. 2.7, it is seen that the dominated pole will gradually

shift to the right side of the complex plane when ωe increases, indicating that the

control system would become poor damped and even unstable during high-speed

operation. Hence, for high-speed traction motor drives, the impact of the digital

delay must be carefully considered when designing the controller. It is shown in

[67] that the current controllers designed based on complex state variables present

much better performance over the traditional PI controllers at high speed. However,

these controllers are designed in continues-time domain, which may introduce error

of discretization when they are implemented in the digital controller. In [5, 65], the

complex current controller is directly designed in the discrete-time domain, show-

ing good tracking bandwidth and stable margin, because the discrete nature of the

control system is directly considered in the design stage. However, the desired perfor-
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mance depends on exact pole/zero cancellation. Though the parameter robustness

is improved when compared with the conventional PI controller, the control per-

formance still deteriorates if motor parameter deviates from its nominal value. In

practical applications, the inductance and resistance may change due to the core

saturation and temperature variation. Thus, it is essential to ensure the controller

can handle parameter mismatches so that the desired performance can always be

guaranteed.

Table 2.2 : Look-up table for DTC

4ψ 4Te S1 S2 S3 S4 S5 S6

1

1 u2 u3 u4 u5 u6 u1

0 u7 u0 u7 u0 u7 u0

-1 u6 u1 u2 u3 u4 u5

-1

1 u3 u4 u5 u6 u1 u2

0 u0 u7 u0 u7 u0 u7

-1 u5 u6 u1 u2 u3 u4

2. DTC

DTC can achieve fast dynamic response with a simpler structure when compared

with FOC. The torque of IM can be expressed in terms of stator flux and rotor flux

as

Te =
3

2
npλLmψr ⊗ψs =

3

2
npλLm ‖ψr‖ · ‖ψs‖ · sin(θsr), (2.14)

where θsr is the difference between the phase angle of stator flux vector ψs and rotor
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Fig. 2.8: Voltage vectors and sector division for a two-level inverter.

flux vector ψr. In the stationary reference frame, the relationship between ψs and

ψr can be expressed as

ψr(s)

ψs(s)
=

Lm/Ls
σTr · s+ (1− jσTrωr)

(2.15)

where Tr = Lr/Rr is the rotor time constant. It is clear that ψr is the result of

ψs passing through a complex coefficient filter. The variation of ψr will always lag

behind ψs. Therefore, by fast control of ψs, the phase angle θsr could be quickly

changed. In this way, torque can be regulated as can be seen from (2.14). For

a two-level inverter, there are 8 different switching states and 7 different voltage

vectors, dividing the complex plane into 6 sectors, as shown in Fig. 2.8. According

to the stator flux position, the sign of flux error and torque error, a look-up table for

controlling torque and flux can be designed as shown in Table 2.2. The error signal of

4ψ and 4Te are determined by two hysteresis controllers, which are shown in Figs.

2.9 and 2.10. The traditional DTC selects only one voltage vector during each control

period, which leads to relatively higher torque ripples and current harmonics. To

ensure satisfactory steady-state performance, the sampling frequency has to be very
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high, which imposes high computational burden on the digital processor. For better

performance and to reduce the sampling frequency, multiple-vectors based methods

have been proposed [68, 69]. In these methods, two or three vectors are selected

during one control period. Since the torque can be regulated more accurately, the

performance is significantly improved.

3. Model Predictive Control

Generally, MPC can be categorized into continuous control set-MPC (CCS-MPC)

and finite control-set MPC (FCS-MPC) [70]. For CCS-MPC, it is computationally

intensive to obtain the optimal solution online if system constraints are incorporated.

To address such issue, solutions can be pre-calculated offline using current state as

a parameter and then they are stored in a lookup table for online application [71].

Although CCS-MPC can achieve satisfactory performance, FCS-MPC still gains

much more attention because of its simple concept, easy implementation and good

performance.
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Recently, FCS-MPC is emerging as an effective control method for power converters

and motor drives [61, 72–75]. During the past decade, much research has been

conducted to improve the performance of FCS-MPC for application to motor drives.

For high-power medium-voltage drives, solving the optimization problem with long

prediction horizons is a major challenge. Various methods, such as branch and

bound [61] and sphere decoding [74] are proposed, showing improved performance

when extending the prediction horizon. For low and medium power drives, as the

switching loss is not the main concern, much research is carried out to reduce the

complexity, improve the performance and extend the application range from different

types of motors to different converter topologies. To avoid nontrivial weighting factor

tuning effort for torque and flux control, model predictive flux control (MPFC)

is proposed in [75]. In MPFC, two scalar references, torque and flux magnitude

references, are equivalently converted into a single reference of stator flux vector.

While in [76], the prediction errors of different control variables are converted into

ranking values. The voltage vector which leads to minimal average ranking value

is selected as the best one. To obtain better steady-state performance, duty cycle

optimization is introduced in [77–80]. In such methods, two voltage vectors and

their duty ratios are optimized to reduce ripples of the controlled variables. In [81],

the switching instant of the new selected voltage vector is not fixed at the beginning

of next control period but optimized for reducing torque ripple. Though there are

good prospects for MPC, some aspects, such as parameter robustness [72], weighting

factor design [76, 82] and sensorless operation [73, 83] should be further investigated

to improve its practicability.
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4. Sensorless Control

Speed sensorless operation is preferred in many applications because of lower cost

and better environmental adaptability. Various methods, such as model reference

system [84], Kalman filter [73, 85] and adaptive full-order observer (AFO) [86] have

been investigated for IM drives. These sensorless schemes have been successfully

implemented and tested with FOC [84, 87–89], DTC [85, 90, 91] and FCS-MPC

[72, 73, 83], achieving satisfactory performance over a wide speed range. But few

of them clearly address the problem of starting a free-running motor. Starting

a rotating motor is required in many applications, such as resumption of normal

operation after power interruption, and re-powering after coasting condition of the

vehicle [92]. As the initial speed is unknown under speed-sensorless operation, a

large inrush current may occur due to the difference between the injected frequency

of the inverter and rotating frequency of the motor. Hence, a proper scheme should

be designed to achieve a safe and quick start of a rotating motor.

Among different speed sensorless observers, AFO is widely studied because it presents

good accuracy and parameter robustness over a wide speed range by introducing

the feedback of stator current estimation error. The research of AFO is mainly fo-

cused on improving its stability, robustness and accuracy during low speed operation

[93–96]. In [97], the feedback gain matrix is designed to stabilize the observer in

regenerating mode during low-speed operation. The stability of simultaneous esti-

mation of rotor speed and stator resistance is further analyzed in [95]. To obtain

the desired performance under different operating conditions, a set of feedback gains

is adopted in [98]. To address poor accuracy with low sampling frequency and the
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risk of instability at high speed operation in discrete-time implementation, different

discretization methods are studied in [88, 99] to replace conventional forward Euler

method. However, there is limited research investigating AFO’s performance for

starting a rotating motor with unknown initial speed. In most cases, it is assumed

that the motor is started from standstill. However, when the motor is rotating at a

high speed, the estimated speed with a zero initial value may not converge to the ac-

tual speed. In [100], a series of estimation method to detect rotational direction and

speed for free-running motors are proposed based on the response of the stator cur-

rent. However, the methods by detecting current responses with specifically injected

voltage are not suitable for normal operation. Hence, a separate speed estimation

scheme is required which increases the complexity of the whole system. In [101],

when AFO is enabled during restarting procedure, the initial estimated speed is set

as the rated speed. However, if the motor can rotate at both forward and backward

direction, the rotational direction must be first estimated to decide whether positive

or negative rated frequency is imposed, resulting in a complex starting process.

Control Methods for PMSM Drives

1. FOC and DTC

The basic principle of FOC and DTC for PMSM drives are similar to that of IM.

The merits and demerits of two control methods described for IM are also validated

for PMSM. The difference is that the rotor flux position of PMSM can be directly

measured by a position sensor. On the contrary, the rotor flux position in an IM

is usually estimated which is typically not the same with the rotor position due to

the different speed between the rotor and rotor flux under load conditions. Used
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as a traction motor, the q-axis inductance Lq of the PMSM is usually larger than

the d-axis inductance, leading to the possibility to exploitation of the reluctance

torque while weakening the magnet flux. This enables the motor to operate above

the rated speed with constant power [3, 102]. However, the difference between the

d-axis inductance and q-axis inductance makes the current controller design more

complicated and the digital controllers presented in [5, 65] suitable for IM cannot

be directly applied to the control of PMSM [6, 103].

For higher efficiency, the so-called maximum torque per ampere (MTPA) operation

of PMSM is widely used in the industrial application [48, 104, 105]. Due to the

high level of magnetic saturation, the inductance tends to vary in a wide range

under different operation points. Thus, it is usually inaccurate to calculate the

MTPA curve based on the nominal motor parameters [48]. A simple solution to

this issue is to establish a look-up table through offline commission [106]. Then,

the real-time d-axis and q-axis current references can be generated from the look-up

table according to the torque command. Online adaption methods based on virtual

signal injection and actual signal injection have also been studied [48, 104]. In this

thesis, the investigation of MTPA strategies or other efficiency optimization schemes

are not detailed and the traditional look-up table based MTPA is employed in the

simulation and experimental tests.

In synchronous rotating reference frame, if d-axis is aligned with the rotor flux

vector, the dynamic model of PMSM can be described as follows: did
dt

diq
dt

 =

 −Rs
Ld

ωe
Lq
Ld

−ωe LdLq
−Rs
Lq

 ·
 id

iq

+

 1
Ld

0

0 1
Lq

 ·
 ud

uq

+

 0

−ψpm
Lq
ωe

 (2.16)
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According to (2.16), if there is a fault of inverter during high-speed operation, high

voltage as shown in (2.17) would be induced in the stator windings due to the

existence of ψpm in the rotor.

uq = ωeψpm (2.17)

This is a disadvantage compared to IM. For the safety reason, the power circuit

for driving PMSM should be designed to be able to isolate larger voltage in case of

possible failure of the inverter.

2. FCS-MPC

In [107], the basic principle of FCS-MPC for PMSM is introduced. The cost function

includes three components: reference tracking, attraction region and limitations, so

that the whole system can operate with good efficiency while tracking the reference

without violating system limits. To reduce the effect of parameter variation, some

robust approaches are studied [108–110]. In practical applications, stator resistance

has little impact on the control performance during medium and high speed regions,

the main problem is the variation of inductance due to saturation [111, 112]. Dif-

ferent values of inductance can be stored in a look-up table according to the value

of id and iq. In this way, the control precision can be increased without complicated

online adaption but at the cost of additional memory space. Apart from improving

robustness against parameter variation, another problem of FCS-MPC for PMSM is

its sensorless operation. Due to the lack of a modulator, only discrete voltage vectors

are available in FCS-MPC, which consist of significant ripples. In real world, due

to the imperfect measurement and inaccurate system parameters, ripples of input

voltage to the observer can not be perfectly compensated by the measured responses
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[113, 114]. Hence, the position estimator must be designed with good capacity to

reject these disturbances.

3. Sensorless Control

To achieve high performance current control of PMSMs, an accurate information of

rotor position is usually required. In practice, position-sensorless operation is pre-

ferred in hostile environments and low cost applications [115, 116]. Even equipped

with a position sensor, a rotor position estimator is still required to achieve sen-

sor fault-tolerant control for safety or reliability reasons in some cases, such as in

automotive applications [117]. Generally, there are two kinds of sensorless control

methods. The first one is signal-injection-based methods [118–122]. These schemes

are very effective especially at standstill and low-speed region. However, additional

signal injection may cause higher loss, acoustic noise and less voltage margin. The

other one is model based methods, which is usually adopted over medium and high-

speed range. However, the external disturbance and model uncertainties, such as

inverter nonlinearities, flux spatial harmonics, would induce errors in the estimation

of back-EMF [123]. These non-ideal factors deteriorate the accuracy of rotor position

and speed estimation. To achieve high-performance position-sensorless operation in

the full-speed range, signal-injection-based methods and model based methods are

often combined with a transition algorithm [124].

In [125], some design principles are introduced to improve stability and dynamic per-

formance of full order observer (FOO). To reduce the sensitivity of extended Kalman

filter (EKF) to round-off errors, different square-root algorithms based EKFs are

studied and compared in [126]. Apart from FOO and EKF, sliding-mode observer
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(SMO) has also been widely used because of its simplicity and satisfactory perfor-

mance [116, 127, 128]. The main issues of SMO in practical application include

high frequency chattering and harmonic ripples in the estimated position caused by

inverter nonlinearity and flux spatial harmonics, etc.

Among the model based methods, SMO is preferable because of its simplicity, ro-

bustness against external disturbance and good dynamic performance [129, 130]. To

improve the performance of SMO, at least three different methods can be found in

existing researches. The first one adopts some delicate design techniques, such as

higher-order SMO [129] and improved reaching law [131]. The second one analyzes

the non-ideal factors in the model and then compensate for their side impacts. In

[132], an online adaption method is performed to compensate the inverter nonlin-

earity. The spatial harmonics can also be considered to further improve the perfor-

mance. Although better performance can be achieved by these methods, they are

somewhat complicated and some of them require offline/online commissioning, mak-

ing the control system more complex. The third one is based on signal processing

technique, which extracts the fundamental components from the polluted estimation

of back-EMF. For this purpose, the neural network [123], adaptive notch filter [133],

synchronous frequency-extract filter [134], second-order generalized integrator [135],

etc. are utilized to filter out the harmonic component in the estimated back-EMF.

Among these improved methods, the signal processing-based scheme is more robust

against parameter variation while the steady-state performance is pretty good [136].

However, the incorporation of different filters inevitably introduce delay during the

dynamic process.
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Operation with synchronized PWM schemes

On the one hand, to achieve a higher power density and wider speed range, the

traction motor is usually designed with a large maximum speed. On the other hand,

the switching frequency fs of a inverter is usually limited, especially under heavy load

conditions in order to reduce power losses. As a consequence, the pulse ratio N =

fs/fe defined as the ratio of the switching frequency over the fundamental frequency

may become very small at high speed range with a heavy load. If the popular space

vector modulation (SVM) or carrier based sinusoidal PWM (SPWM) is adopted, the

significant current distortion including large low-order harmonics and sub-harmonics

can be seen in the spectrum analysis when the pulse ratio N decreases to a small

value (i.e., N <9) [137]. This would lead to larger loss, higher torque ripples,

poorer current regulation bandwidth, etc. To address these problems, various PWM

schemes have been proposed. Generally, the pulse ratio is kept constant over a

speed range to eliminate the sub-harmonics, namely that it is synchronized with the

output frequency of the inverter. With the continuous efforts of many researchers,

synchronized SPWM, synchronized SVPWM, selective harmonic elimination PWM

(SHEPWM) and current harmonic minimum PWM (CHMPWM), have been applied

in practical applications to maintain satisfactory performance with small pulse ratio.

[137–141].

The space vector based PWM schemes can offer some flexibilities, such as division

of zero state duration and clamping one phase within a PWM interval. Utilizing

these flexibilities, some advanced PWM schemes can be developed to improve the

harmonic performance [142], reduce the torque ripple [143], design the synchronized
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symmetric PWM strategies for higher power drivers [139, 144], and so on. In [145],

different synchronized PWM schemes are studied, but only the results of V/f oper-

ation are presented. In [138], the carrier based synchronized PWM is incorporated

with FOC, showing good dynamic and steady state performance. However, the ex-

traction of current harmonics is based on a leakage model, of which the machine

parameters tend to vary depending on the temperature and saturation [146]. Con-

sequently, to ensure the estimated current harmonics is in accordance with actual

value in practical application, online adaption algorithm may be required.

SHEPWM and CHMPWM have also been widely studied and applied owing to

their superior harmonic performance [140, 141, 147, 148]. For those PWM tech-

niques, complex mathematical skills and calculating programs are usually required

to obtain the optimal switching angles [148, 149]. To meet the demands of accu-

racy and cover a wide speed range operation, numerous results should be optimized

offline and stored for online implementation. As those PWM techniques may in-

troduce discontinuities in the switching angles and the flux/current trajectory may

not coincide with each other at the same sampling point for different pulse patterns,

it is hard to achieve high dynamic closed-loop control with SHEPWM and CHM-

PWM. To address this problem, trajectory tracking based methods are proposed

in [137, 146, 150]. Though good results with fast dynamic responses can be ob-

tained, they are somewhat complicated for implementation. This is because either

the observer for identifying instantaneous fundamental current or the solution of a

constrained online optimization problem should be established in the control sys-

tem. Additionally, to improve the robustness against parameter variation, the flux
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trajectory control is preferred in practical application [150]. Thus, the motor current

is indirectly controlled in these methods. To reduce hardware cost in some applica-

tions, the maximum current leading to over-current protection is set to be close to

the rated value. It would be easier and more direct to handle current constraints

if the current is directly controlled via the closed control loop. Another benefit of

current control is that the current can be directly measured and controlled with-

out designing an observer. To achieve direct current control based on synchronized

PWM schemes, FOC will be selected as basic frame in this thesis.

2.5 Gearshift Control

Usually, the motor speed is electrically synchronized with the target gear during

gearshift for an EV transmission [17, 151]. However, there are always uncertainties

and measurement noise in practical application, hindering the perfect speed synchro-

nization. Due to the discontinuities of speed and torque variation in the transmis-

sion during gearshift, the undesired torsional vibration may be induced. To improve

driving comfort, many active damping control methods were proposed to suppress

driveline oscillations. Zhang et al. [152] investigates the influence of time-varying

delays due to network communication on active damping control under regenerative

braking conditions. To suppress gearshift related oscillations, Walker et al. [153]

develops a proportional-integral-derivative (PID) controller for vibration attenua-

tion by manipulating motor or ICE output torque. Both controllers proposed in

[152] and [153] involve integration to generate the torque reference to suppress driv-

eline vibrations. Unfortunately, integration has an infinity gain at zero frequency
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and thus the controller output may be saturated during long-term operation due to

minor dc-offset in the input signal resulting from unknown disturbances, imperfect

measurement, and so on. In this case, active damping would lose its function be-

cause a saturated controller cannot response to the powertrain oscillations. In order

to suppress vibrations in the transmission output torque during an abrupt accelera-

tion, a linear-quadratic-Gaussian (LQG) controller is designed by Zhang et al. [154].

For active suspension of the EV driven by in-wheel motor, Shao et al. [155] proposes

a fault-tolerant fuzzy H∞ control. Though good performance can be obtained by

LQG and H∞ controllers, complex mathematical skills and computation programs

are required to solve non-linear optimization problems for designing these optimal

controllers. From the perspective of engineering application, a simple yet effective

control method would be preferable.

Accurate torque control is essential to achieve high-quality gearshift. However, di-

rect measurement of the torque for a rotating shaft is usually not feasible in the

real world because of complex mechanical coupling and unaffordable hardware cost

[32]. Thus, different techniques based on the available signals in an EV (e.g. motor

speed/torque and wheel speed) have been developed for the torque estimation. Zhu

et al. [31] calculates driveshaft torque based on the estimated torsion angle. To

reduce the impact of unknown disturbances, such as air drag and rolling torque,

H∞ performance was employed in tuning observer parameters. Eigenvalue place-

ment was further adopted to improve the convergence rate. For separate estimation

of the torque transmitted by each clutch, reference [156] proposed a composite ob-

server including model-based shaft observer, unknown input observers and model
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reference PI observer for dual clutch transmission. Considering that measured sig-

nals are always contaminated by noise in a real vehicle, Kalman filter (KF)-based

estimators have also attracted much attention due to their excellent noise immunity.

Rhode et al. [157] developed the standard KF and their variants with improved

robustness and windup stability for the prediction of vehicle tractive forces. Wu

et al. [158] compared the performance of the conventional extended KF (EKF),

the dual extended KF (DEKF), and the joint extended KF (JEKF) in the appli-

cation of estimating the clutch torque under model uncertainties. It is shown in

[157, 158] that conventional KF cannot give satisfactory results with mismatched

model and unknown disturbances whilst the improved KF schemes present better

accuracy and capability of correcting inaccurate model parameters. The main dif-

ficulties of KF schemes include calculating matrix inversion in the correction step

and requiring knowledge of measurement noise prior to parameter tuning. Matrix

inversion is computationally intensive especially for an embedded processor and the

noise characteristic cannot be easily determined as it may vary in different working

conditions. Considering the above mentioned issues, a simple yet effective torque

observer should be designed without requiring the information of the wheel speed,

unknown vehicle resistance torque, inertial of the vehicle body, etc.. Additionally,

it is better to integrate the damping control into the motor controller without the

necessity of network communication. In this way, the compensation for time delay

due to network communication [152] and the exhaustive effort required on improving

system robustness against unknown disturbances [31] can be avoided.
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Chapter 3

System Model

3.1 Control Models for IM

Fig. 3.1 shows the equivalent circuit of an IM in the stationary reference frame,

where Lls and Llr are stator and rotor inductances respectively.

Mathematical model in the αβ stationary reference frame

When the rotor flux-linkage vector ψr and stator current is are selected as state vari-

ables in the stationary reference frame, the electrical model of IM can be expressed

as [159]: 
dis
dt

= −(Rs+(Lm/Lr)2Rr
σLs

)is + Lm
σLsLr

( 1
Tr
− jωr)ψr + 1

σLs
us

dψr
dt

= Lm
Tr
is −

(
1
Tr
− jωr

)
ψr

(3.1)

where us, is, Rs, Rr, Lm, Ls, Lr, ωr and ψr are stator voltage vector, stator

current vector, stator resistance, rotor resistance, magnetizing inductance, stator

sR
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Fig. 3.1: Equivalent per phase circuit of an IM.
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inductance, rotor inductance, electrical rotor speed and rotor flux-linkage vector

respectively; σ = 1− L2
m/(LsLr), Tr = Lr/Rr.

The stator flux can be written in terms of stator flux ψr and stator current is as

ψs =
λLmψr + is

λLr
(3.2)

Based on (3.1) and (3.2), the dynamic model of IM can also be described by the

state variables of stator current is and stator flux-linkage vector ψs as
dis
dt

= −[( 1
σTs

+ 1
σTr

)− jωr]is + 1
σLs

( 1
Tr
− jωr)ψs + 1

σLs
us

dψs
dt

= −Rsis + us

(3.3)

The electromagnetic torque can be expressed as

Te =
3

2
npψs ⊗ is =

3

2
np
Lm
Lr
ψr ⊗ is (3.4)

where np is the number of pole pairs, ⊗ represents cross product.

According to (3.1), the equation in the first row can be further simplified as

Lσ
dis
dt

= us −Rsis − ue (3.5)

where Lσ = σLs and ue = Lm/Lr · dψr/dt represents the back-electromotive force

(EMF). Additionally, the derivative of ue can be expressed as

due
dt

=
d
(
|ue|ejθe

)
dt

=
d|ue|
dt

+ jωeue (3.6)

where ωe is the electrical speed of the rotor flux.

Mathematical model in the dq synchronous reference frame
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In the rotor flux oriented synchronous reference frame, the dynamic equations of IM

can be described using complex state variables as follows
Lσ

dies
dt

= − (Rs + jωeLσ) ies − Lm
Lr
pψe

r − jωe LmLr ψ
e
r + ues

Tr
dψer
dt

= Lmi
e
s − [1 + jωslTr]ψ

e
r

(3.7)

where the superscript e denotes the state variable in the dq synchronous reference

frame and ωsl = ωe−ωr is the slip frequency. In the rotor flux oriented synchronous

reference frame, the q-axis rotor flux is zero, i.e., ψq = 0. Thus, the expression of

electromagnetic torque can be simplified as

Te =
3

2
np
Lm
Lr

ψdiq (3.8)

It is clear that if the magnitude of the rotor flux linkage ψd is controlled to be

constant, the output torque would be proportional to the q-axis current iq. Since

the rotor flux magnitude is usually controlled to be constant, the equation (3.7) can

be approximately expressed as

Lσ
dies
dt

= − (Rs + jωeLσ) ies − jωe
Lm
Lr
ψe
r + ues (3.9)

Apart from the electrical model, the mechanical equations can be expressed as

dωr
dt

=
1

J
(Te − TL − Cωωr) (3.10)

3.2 Control Models for PMSM

Mathematical model in the αβ stationary reference frame
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The dynamics of a PMSM can be modeled in the stationary reference frame as [160] uα

uβ

 = Rs

 iα

iβ

+

 L+ ∆L cos(2θr) ∆L sin(2θr)

∆L sin(2θr) L−∆L cos(2θr)


 diα

dt

diβ
dt



+ ωeψpm

 − sin(θr)

cos(θr)

 (3.11)

where Rs represents the stator resistance; L = 0.5(Ld + Lq); ∆L = 0.5(Ld − Lq);

Ld and Lq are d-axis and q-axis inductances respectively; ωe denotes the electrical

speed; ψpm is the permanent magnet flux; and θr is the rotor position.

As (3.11) involves both 2θr and θr terms, it is difficult to design a rotor estimator

based on the model (3.11). In practical application, the following extended EMF-

based model is usually employed [106, 123, 161]

Ld
dis
dt

= us −Rsis + jωe(Lq − Ld)is − j [(Ld − Lq)(ωeid − diq/dt) + ωeψpm] ejθr︸ ︷︷ ︸
ue

(3.12)

where us = uα+juβ, is = iα+jiβ are stator voltage vector and stator current vector

respectively, ue = j[(Ld − Lq)(ωeid − diq/dt) + ωeψpm]ejθr is the extended EMF.

To improve the robustness against parameter, speed and load variation, the concept

of the extended flux is developed in [160] by rewriting (3.11) as

Lq
dis
dt

= us −Rsis −
d
(
ψexte

jθr
)

dt
(3.13)

where ψext = ψpm + (Ld − Lq)id is the extended flux.

Mathematical model in the dq synchronous reference frame

In the rotor flux oriented synchronous reference frame, the PMSM model can be
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expressed as did
dt

diq
dt

 =

 −Rs
Ld

ωe
Lq
Ld

−ωe LdLq
−Rs
Lq

 ·
 id

iq

+

 1
Ld

0

0 1
Lq

 ·
 ud

uq

+

 0

−ψpm
Lq
ωe

 (3.14)

Compared with the dynamic model of IM shown in (3.9), the PMSM model is more

complex due to the asymmetrical inductance in the dq reference frame. Although the

equations (3.12) and (3.13) convert the PMSM model into an equivalent nonsalient-

pole PMSM, they are not suitable for designing the current controller because both

the extended EMF and the derivative of extended flux contain the large disturbances,

i.e., (Ld−Lq)diq/dt and (Ld−Lq)did/dt, during transient processes. In [6], different

gains are used for id and iq control to solve the issue related to the salient machine.

However, it only works fine in high-speed range [103].

The electromagnetic torque of a PMSM can be expressed as

Te =
3

2
np(ψpmiq + (Ld − Lq)idiq) (3.15)

3.3 Model of Dual Motor based Multi-speed Transmission

In this section, the dynamic model and characteristic of the dual motor based multi-

speed transmission (DMMT) will be analyzed. Fig. 3.2 illustrates the block diagram

of the powertrain model. In this study, only longitudinal dynamics is considered and

the following mathematical equations can be derived based on Newtonian mechanics.

(JM1 + JG1 + JP1/r
2
1)θ̈M1 = TM1 − CM1θ̇M1 − TD1/r1 − TD3 (3.16)

(JM2 + JG2 + JP2/r
2
2)θ̈M2 = TM2 − CM2θ̇M2 − TD2/r2 + TD3 (3.17)
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Fig. 3.2: Block diagram of the powertrain model.

(r2
fJFD + JFD1)θ̈FD1 = rf (TD1 + TD2)− k1(θFD1 − θh)− C1(θ̇FD1 − θ̇h) (3.18)

Jhθ̈h = k1(θFD1 − θh) + C1(θ̇FD1 − θ̇h)− k2(θh − θv)− C2(θ̇h − θ̇v) (3.19)

Jvθ̈v = k2(θh − θv) + C2(θ̇h − θ̇v)− Tv (3.20)

where TD1, TD2 and TD3 are the torque transmitted by the dog clutch D1, D2 and

D3 respectively; θ is angular displacement; J denotes the inertia of an element and

r represents gear ratio. Subscripts M1, M2, FD, h, v represent motor M1, motor

M2, final drive, half shaft and vehicle body respectively. More details about these

symbols expressed in the equations (3.16)-(3.20) have been summarized in Table A.1

in Appendix. The contact force of dog clutch is zero when the clutch is disengaged

and it is calculated as (3.21)-(3.23) when the clutch is engaged.

TD1 = kD1(θM1/r1 − rfθh) + CD1(θ̇M1/r1 − rf θ̇h) (3.21)

TD2 = kD2(θM2/r2 − rfθh) + CD1(θ̇M2/r2 − rf θ̇h) (3.22)

TD3 = kD3(θM1 − θM2) + CD3(θ̇M1 − θ̇M2) (3.23)



44

The detailed model during the engagement and disengagement processes of the dog

clutch is not considered here for simplicity because the torque transmitted by the

clutch is controlled to be zero in such process by the proposed gearshift control.

Thus, the dynamics of dog clutch in these stages has little impact on the power-

train responses. Nevertheless, a simple time delay is employed to capture the time

required for the actuator to complete engagement/disengagement. In (3.20), Tv is

the resistance torque including rolling resistance, air drag and inclined resistance,

which can be expressed as [158]

Tv =

(
Cvmvg cosϕ+

1

2
ρACdv

2 +mvg sinϕ

)
rw (3.24)

where mv is the vehicle mass, g represents gravity acceleration, Cv denotes rolling

resistance coefficient, ϕ is the incline angle of the road, ρ is the air density, A is the

vehicle frontal area and rw is the tire radius.

Typically, the inner flux and torque control loop of an AC machine can be simplified

as a first order system [47]. Hence, the relationship between the output torque TM

and the torque command T refM can be described by

GM(s) =
TM

T refM

=
1

τs+ 1
(3.25)

where τ is a time constant whose typical value is around 1−5ms and s is the Laplace

operator. To evaluate the driveline oscillations, the variable ∆ω1 = ωM1 − r1rfωv

and ∆ω2 = ωM2 − r2rfωv are defined for the motor M1 and M2 respectively. The

defined ∆ω represents the speed difference between the motor and vehicle which

is indicative of vibrations in the powertrain and such information can be used for

vibration damping control [153]. Based on DMMT dynamic equations (3.16)-(3.20),

the transfer function of ∆ω1(s) and ∆ω2(s) to the torque command T refM can be
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Fig. 3.3: Bode diagram of Gpt(s) with different gear ratios.

derived. As analytical expression is too complex and lengthy, it is not expressed

here for simplicity. Nevertheless, numerical result is calculated as follow when the

motor M1 is connected to the gear G1.

Gpt(s) =
∆ω1(s)

T ref
M (s)

=
6.78e4s6 + 2.29e8s5 + 5.99e11s4 + 1.64e14s3 + 1.54e17s2 + 8.21e16s+ 2.37e19

s8 + 4652s7 + 1.3e7s6 + 1.3e10s5 + 6.6e12s4 + 3.4e15s3 + 1.2e17s2 + 2.6e19s+ 7.5e14

(3.26)

The bode diagram of the system (3.26) is shown in Fig. 4.6. Following the same

procedure, the case when the motor M1 is connected to the other gear pairs can

also be obtained. As shown in Fig. 4.6, four resonant peaks are clearly observable

in the magnitude-frequency responses indicating the system damping is very low at

these points and thus driveline oscillations can be easily induced during transient

process. When the gear ratio decreases, the resonant peak decreases as well with

resonant frequency shifts from 8.9 Hz to 14.4 Hz. As stated in [162], the oscillations

around the frequency range 1 Hz - 10 Hz have large impact on the driving comfort.
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Therefore, active damping control is essential for the presented DMMT to suppress

low-frequency vibrations.

3.4 Summary

In this chapter, the mathematical models of IM, PMSM and DMMT are introduced.

These dynamic models are fundamentals for the theoretical analysis and the design

of observers and controllers in the following chapters. Unlike the IM model in the

synchronous reference frame, PMSM model in the synchronous reference frame has

different values of terms on the diagonal and antidiagonal in the evolution matrix.

Additionally, we need to write the matrix in the synchronous reference frame to

follow the anisotropy thereby simplifying their expression because the dq-axis in-

ductances could be different in the PMSM model [163]. The analysis of the DMMT

model shows that the powertrain damping at some specific frequencies are poor

which may result in vibrations when the motor torque varies. To achieve better

driving comfort, the proper control scheme should be designed.
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Chapter 4

Control of Induction Motor Drives

4.1 Introduction

Induction motor (IM) features low cost, wide availability and easy construction [102].

As a traction motor, its maximum speed is designed to be very high for higher power

density. For example, the speed of the IM adopted in the Tesla Model S P85 can be

up to 15840 rpm. Considering it is a 2 pole pairs machine, the maximum electrical

frequency is 528 Hz (31680 rpm).

To reduce the inverter power losses, the switching frequency fs of a inverter is

limited, especially under heavy load conditions. As a result, the pulse ratio N =

fs/fe, i.e., the pulse number during one fundamental cycle, may become very small

at high-speed operation under heavy load conditions. With a low pulse ratio N ,

the discretization effect cannot be ignored and must be carefully considered when

designing the current controllers. Otherwise, deteriorated control performance or

even instability could be observed [5, 63]. Hence, the conventional method, i.e.,

designing the current controller in the continuous-time domain with subsequent

discretization for digital implementation can not guarantee the desired performance

Part of this chapter has been pulished in [164–167].
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over the full speed-torque range.

To deal with the increased cross-coupling caused by the relatively larger sampling

delay under low pulse ratio, a first-order delay model is used in the design of a

complex-coefficient current controller [64]. It is shown that the transient perfor-

mance is significantly improved if the signal delay is explicitly considered. To

address the issue of instability at high-speed operation, a voltage compensation

strategy is proposed in [63]. Both controllers in [63] and [64] are designed in the

continuous-time domain and thus a discretization method is required for digital

implementation. Without proper discretization, the controller performance may be

degraded in practical implementation. For better performance, it is suggested to de-

sign controllers directly in the discrete-time domain [5, 65]. As the discrete nature

of the digital implementation, such as sampling delay and zero-order-hold (ZOH),

can be explicitly considered in the design stage, the bandwidth and improved cou-

pling performance may be obtained by using the discrete-time controller. In this

chapter, a discrete-time predictive current controller with disturbance estimation is

proposed to achieve fast dynamic response and good robustness against parameter

mismatches. The comparison with the prior discrete-time controller [5] is presented

to validate its effectiveness.

To satisfy the demand over a wide speed range and different load conditions, a

combination of PWM schemes with different pulse patterns may be employed in

practical application. This imposes the requirement of smooth transition between

different PWM methods. Especially for the synchronized PWM schemes, the sud-

den jump of the switching frequency caused by the change of the pulse ratio make
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the smooth transition difficult. In [141], the transition is enabled when the voltage

angle falls into a fixed range. But the selection of this range is not clearly addressed

with theory analysis. In [168], the transition is started when the harmonic current

is around zero. It is shown that the transition is smooth. However, the gate pulses

of three phases are shifted separately at different points, increasing the complex-

ity and duration of PWM shifting process. To improve the overall performance,

SHEPWM is employed in [140] during steady-state operation while it is switched to

SVPWM during dynamic process. The smooth transition is achieved by optimizing

the switching state so that there is no more than one pulse jump during transition.

As the the pulse number is as high as 29 in quarter fundamental cycle, the har-

monic current is very small and nearly zero. According to [168], the transition can

be started at any positions. Since operation with low switching frequency presents

abundant harmonic components, this method is not applicable when the pulse num-

ber is low. In [137, 150], the dynamic error caused by transition between different

pulse patterns is combined with the tracking error induced by load change, reference

variation, etc. All these disturbances are compensated in the controller by directly

manipulating original switching instants according to the tracking error of stator

flux. As the problem of achieving smooth transition is solved in the design of con-

troller, it is applicable for various pulse patterns. In this thesis, the dynamic error

induced by transition between different pulse patterns will not be compensated in

the controller but solved in the modulation stage. In this way, the controller design

and modulation schemes are decoupled. Namely, it is not necessary for inner current

controller to consider the effect of shifting between different pulse patterns. Thus,
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the proposed method can be easily implemented with existing current controllers.

To achieve speed-sensorless operation, the adaptive full-order observer (AFO) is

employed [165, 167]. The presented AFO is simple and effective, which is not only

suitable for the initial speed estimation but also applicable for normal operation.

First, convergence condition of the estimated speed based on AFO is deduced. Then,

a feedback gain matrix is proposed to ensure the successful start of the motor with

any initial speed. Finally, its detailed implementation is demonstrated with simula-

tion and experimental verification.

4.2 Adaptive Flux Observer and Restarting Free-running

Motor

4.2.1 Basic Principle of AFO

For high-performance motor control, accurate flux information is usually essential.

Based on (3.1), the AFO can be constructed as

sx̂ = Ax̂+Bus +G(is − îs) (4.1)

A =

 − 1
Tσ

λLm( 1
Tr
− jω̂r)

Lm
Tr

− 1
Tr

+ jω̂r

 (4.2)

B =

 1
Lσ

0

 (4.3)

G =

 g1

g2

 =

 g1r + j · g1i

g2r + j · g2i

 (4.4)
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where σ = 1 − L2
m/(LsLr), Tσ = σLs/ (Rs + (Lm/Lr)

2Rr), λ = 1/(LsLr − L2
m),

Tr = Lr/Rr, x̂ =

[
îs ψ̂r

]T
and G is the feedback gain matrix of AFO. The

speed can be estimated based on the conventional adaptation law as [93, 96]

dω̂r
dt

= (is − îs)⊗ ψ̂r (4.5)

=
∣∣∣is − îs∣∣∣ · ∣∣∣ψ̂r∣∣∣ sin θ. (4.6)

where, ⊗ represent cross-product of two complex variables, and θ is the phase angle

between the complex vector ψ̂r and (is − îs), namely

θ = angle(ψ̂r)− angle(is − îs). (4.7)

In practical applications, a proportional-integral (PI) controller is generally used to

obtain ω̂r as

ω̂r = (kpω + kiω/s) ·
(

(is − îs)⊗ ψ̂r
)

(4.8)

Fig. 4.1 shows the schematic diagram of the AFO. For better accuracy in digital

implementation, the so-called Heun’s method [169] is used to discretize (4.1) and

the results are show as follows.
x̂k+1
p = x̂k + Tsc(Ax̂

k +Buks +G(is − îs))

x̂k+1 = x̂k+1
p + Tsc

2
A(x̂k+1

p − x̂k)

(4.9)

4.2.2 Analysis of Speed Convergence Condition

First, the following Lyapunov function is defined.

V =
(ωr − ω̂r)2

2
(4.10)
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Fig. 4.1: Schematic diagram of the AFO.

Supposing that ωr is constant during one control period [170], the time derivative

of V is

dV

dt
= −(ωr − ω̂r) ·

dω̂r
dt

(4.11)

ω̂r will always approach to ωr, if

dV

dt
< 0 (4.12)

Namely, if equation (4.13) holds, the estimated speed ω̂r will converge to the actual

speed ωr.

sign(ωr − ω̂r) ·
dω̂r
dt

> 0 (4.13)

According to (4.6), (4.13) can be equivalently rewritten as

sign(ωr − ω̂r) · sign(sin θ) > 0 (4.14)

From (3.1) and (4.1), the estimation error of stator current and rotor flux can be
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derived as shown in the following equations [97]. sei

seψ

 = F

 ei

eψ

+H

 îs

ψ̂s

 (4.15)

F =

 − 1
Tσ
− g1 λLm( 1

Tr
− jωr)

Lm
Tr
− g2 − 1

Tr
+ jωr

 (4.16)

H =

 0 −jλLm
a
ωr

0 j4ωr

 (4.17)

Based on (4.15), transfer function N(s) can be derived as expressed in (4.18).

N(s) =
ψ̂r

(is − îs)
=
s2 + (h1 + jh2) · s+ d1 + jd2

−j4ωr · λLm · s
(4.18)

h1 = (g1r +
Rs

σLs
+

Rr

σLr
) (4.19)

h2 = (g1i − ωr) (4.20)

d1 =
1

Tr
(g1r +

Rs

σLs
+ λLmg2r) + ωr(g1i + λLmg2i) (4.21)

d2 =
1

Tr
(g1i + λLmg2i)− ωr(g1r +

Rs

σLs
+ λLmg2r) (4.22)

When estimating the free-running speed, torque reference is set as zero, namely

the slip frequency is zero. Hence, the output frequency of the inverter equals the

estimated speed ω̂r. According to (4.18) and assuming s = jω̂r, N(jω̂r) can be

derived as:

N(jω̂r) =
−ω̂2

r + d1 − h2ω̂r + j(h1ω̂r + d2)

λLmω̂r4ωr
. (4.23)

Furthermore, ψ̂r/(is − îs) can be expressed in a different way as shown in (4.24).

ψ̂r

(is − îs)
=

∣∣∣∣∣ ψ̂r

is − îs

∣∣∣∣∣ ejθ =

∣∣∣ψ̂r∣∣∣∣∣∣is − îs∣∣∣(cos θ + j sin θ) (4.24)
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Comparing (4.23) and (4.24), it can be easily found that the sign of sin θ is the same

as the sign of imaginary part of N(jω̂r). Hence, the condition (4.14) can be changed

as:

sign(ω̂r) · sign(h1ω̂r + d2) > 0 (4.25)

If feedback gain matrix is set as zero, the estimated speed can always converge to

ωr only when ω̂r satisfies the following conditions.

|ω̂r| > (
LrRs

LrRs +RrLs
) |ωr| (4.26)

It is clear that if motor is rotating at a high speed, ω̂r can not converge to ωr when

ω̂r is initially set as zero. This problem can be solved by setting ω̂r to a sufficiently

large value with the same sign of ωr, as can be seen from (4.26). However, if the

motor can rotate at both forward and backward direction, the rotational direction

must be estimated before determining whether ω̂r is set to a positive or a negative

value. To avoid the estimation of rotational direction, the feedback gain matrix is

adjusted so that d2 = 0. If d2 = 0, the condition (4.25) deduced from (4.23) can be

simplified as:

h1 > 0 (4.27)

By solving (4.27) and d2 = 0, a simple gain matrix G is proposed as shown in (4.28).

G =

 − Rs
σLs

0

 (4.28)

With the proposed feedback gain matrix (4.28), the estimated speed can always

converge to the actual speed with any initial value. As only the feedback gain

matrix is changed, it is very simple in implementation.



55

4.2.3 Starting a Rotating Motor

In many cases, such as resuming to normal operation after short power interruption,

starting a machine rotated by external load or re-powering after coasting condition

of an electric vehicle, the motor needs to be started with nonzero speed. During the

estimation of free-running speed, the PI controller for speed regulation is disabled

and irefq is set as zero. irefd is set as its maximum value Idmax to minimize the

process for building rotor flux. To respond to both forward and backward rotational

direction quickly, the initial value of ω̂r is set as zero. As analyzed in section 4.2.2,

the estimated speed ω̂r can converge to the actual speed ωr with the proposed

feedback gain matrix (4.28) even if there is a large initial difference. The remaining

problem is to judge whether ω̂r is close to ωr and thus the normal operation can be

subsequently enabled.

When ω̂r approaches to ωr, dω̂r/dt in (4.5) becomes smaller. Hence, if the filtered

value of dω̂r/dt is smaller than a predefined threshold, the estimation of free-running

speed is terminated and normal operation is enabled. As dω̂r/dt is zero before the

Start AFO 3

ˆ1
1

r

sc

d
x

s dt

T T T







 
minT T

minx X

𝒊௦
௥௘௙ ൌ 𝑖ௗ

௥௘௙ ൅ 𝑗𝑖௤
௥௘௙

𝒊௦
௥௘௙ ൌ 𝐼ௗ௠௔௫

Controller end
Yes

No

Yes

No

Fig. 4.2: Procedure of starting a free-running IM.
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control system is activated, a minimum time Tmin is hold for the estimation of free-

running speed to improve the reliability. The flow chart of the proposed procedure

is shown in Fig. 4.2.

4.3 Current Control Under Low Pulse Ratio

4.3.1 Parameter Tuning of Discrete-time Current Controller

dq





e

dqi

ref
dqi Current

Controller

, uM 
dcu
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dcu
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bi

PWM
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Fig. 4.3: Control diagram of FOC for IM drives.

Fig. 4.3 shows the control diagram of the indirect FOC for IM drives. In practical

application, there is usually one step digital delay between the reference voltage and

the applied voltage [63, 171]. As a consequence, the voltage command computed

at the kth control period cannot change the (k + 1)th instant current but only can

regulate the current at the (k+ 2)th instant. According to (3.9) and assuming that

the machine speed ωe is constant during a short period, the current sampled at the
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(k + 2)th instant can be calculated by solving the differential equation as [172]

ik+2
dq = e−(1/τ+jωe)Tscik+1

s +
1

Lσ

Tscˆ

0

e−(1/τ+jωe)(t−Tsc) [udq(t)− uemf (t)] dt (4.29)

where the superscript k denotes a kth instant variable, Tsc is the sampling period,

and τ = Lσ/Rs. Considering the one step digital delay, zero-order-hold (ZOH)

characteristic of the inverter and the fact that the d axis is rotating at the speed of

ωe, the actual udq(t) is

udq(t) = ukdqe
−jωe(Tsc+t) (4.30)

The back electromotive force (EMF) uemf = jωe
Lm
Lr
ψd is assumed to be constant,

i.e., uemf (t) = ukemf . Then, the current response in (4.29) can be expressed as

ik+2
dq = e−(1/τ+jωe)Tscik+1

s − 1− e−(1/τ+jωe)Tsc

R + jωeL
ukemf

+
e−jωeTsc(1− e−Tsc/τ )

R
e−jωeTscukdq (4.31)

Based on (4.31), the following discrete-time transfer function can be obtained

idq(z)

udq(z)
=

1

Rs

e−jωeTsc − e−(1/τ+jωe)Tsc

zejωeTsc(z − e−(1/τ+jωe)Tsc)
(4.32)

Based on the principle of zero/pole cancellation [5], a digital current controller can

be constructed as follow

Gd(z) = kd
1− z−1 · e−(1/τ+jωe)Tsc

(1− z−1)
e2jωeTsc (4.33)

The results presented in [5] show that the performance of current controllers de-

signed in s−domain degrades significantly when compared to (4.33) if the pulse

ratio decreases. Though good results are presented, a proper selection of gain kd

is not clearly addressed. Owing to the simple structure and good performance, the
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Fig. 4.4: Root locus of the current control loop.

gain kd of the digital current controller (4.33) will be investigated in the following

text.

Based on (4.32) and (4.33), the closed-loop transfer function can be deduced as

G(z) =
R

Rs · z2 −Rs · z +R
(4.34)

R = kd(1− e−Tsc/τ ) (4.35)

The pole of G(z) can be obtained according to the above two equations as

p1,2 =
Rs ±

√
(Rs)2 − 4 ·Rs ·R

2 ·Rs

(4.36)

As indicated by the root locus of current loop shown in Fig. 4.4, if two poles coincide

with each other, the damping ratio is unity and the decay rate reaches its maximum

value [173, 174]. Thus, there is ideally no overshoot while the dynamic performance

is satisfactory. Hence, by making square root in (4.36) equal to zero, kd can be
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obtained as

kd =
Rs

4(1− e−Tsc/τ )
. (4.37)

From (4.31), it is clear that the following voltage should be added to the voltage

command to decouple the influence of the back EMF.

ukd = ukemf
ejωeTsc

1 + jωeτ

ejωeTsc − e−Tsc/τ

1− e−Tsc/τ︸ ︷︷ ︸
ku

(4.38)

The block diagram of the current controller (4.33) is shown in Fig. 4.5, where

αc = e−(1/τ+jωe)Tsc (4.39)

4.3.2 Discrete-time Predictive Current Control

Although the discrete-time current controller developed in [5] can operate stably

under low pulse ratio, it suffers from relatively slow dynamic response. To im-

prove the dynamic performance and the robustness against parameter mismatches,

a discrete-time predictive current controller (DPCC) will be designed in this section.

Assuming a constant speed during each sampling period, the discretized model of

(3.5) can be described as
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ik+1
s =

1

Lσ

Tscˆ

0

e−(t−Tsc)/τ (us(t)− uemf ) dt+ e−Tsc/τ iks (4.40)

For a inverter-fed IM drive, the voltage us can be assumed as a constant during the

sampling period, i.e.,

us(t) = us(k) (4.41)

If only the fundamental component is considered, the back EMF term uemf (t) can

be expressed as

uemf (t) = ukemfe
jωet (4.42)

Substituting (4.41) and (4.42) into (4.40) yields [175]

ik+1
s = e−Tsc/τiks +

1− e−Tsc/τ

Rs

uks −
ejωeTsc−e−Tsc/τ

Rs + jωeLσ
ukemf (4.43)

According to (4.43), the reference voltage that force the stator current to arrive its

reference at the next sampling period can be computed as

(
uks1
)ref

=
R̂s

1− e−Tsc/τ̂

[(
ik+1
s

)ref − e−Tsc/τ̂iks + +
ejωeTsc−e−Tsc/τ̂

R̂s + jωeL̂σ
ukemf

]
(4.44)

where the hat ˆ denotes the estimated variable. As (4.44) is directly calculated

based on the system model, the calculated voltage would not achieve the desired

tracking performance in practical application due to the imperfect prior-knowledge

of motor parameters, unknown disturbances, etc.

Using the estimated stator resistance R̂s and inductance L̂σ, the system model (3.5)

can be rewritten as

L̂σ
dis(t)

dt
= us(t)− R̂sis(t)− ûemf (t)− ud(t) (4.45)
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where

ud = −∆L · dis(t)/dt−∆Ris(t)−∆ue(t) (4.46)

is the disturbance voltage compensating for the inconsistency between (3.5) and

(4.45); ∆L = L− L̂σ, ∆R = Rs− R̂s and ∆ue = uemf − ûemf are estimation errors

of the inductance, resistance and back EMF respectively. Similar to the derivation

of (4.43), the following equation can be obtained

ik+1
s = e−Tsc/τ̂iks +

1− e−Tsc/τ̂

R̂s

uks −
ejωeTsc−e−Tsc/τ̂

R̂s + jωrL̂σ

(
ûkemf + ukd

)
(4.47)

It should be noted that only the fundamental component of ud is considered in

(4.47). The dynamics of ud can thus be expressed as

uk+1
d = ejωeTscukd (4.48)

According to (4.47), the voltage forcing the stator current to reach its reference can

be calculated as

(
uks2
)ref

=
R̂s

1− e−Tsc/τ̂

{(
ik+1
s

)ref − e−Tsc/τ̂iks + +
ejωeTsc−e−Tsc/τ̂

R̂s + jωrL̂σ

[
ûkemf + ukd

]}
(4.49)

Comparing (4.44) and (4.49), it can be seen that the additional disturbance volt-

age ud is required to achieve the desired control target when the estimated motor

parameters are used in the control algorithm. However, since the actual motor pa-

rameters is unknown, it is difficult to obtain its value directly. In the following

text, an adaptive disturbance estimation will be developed. According to (4.47),

the following equation can be derived

(
iks
)ref

= e−Tsc/τ̂ik−1
s +

1− e−Tsc/τ̂

R̂s

uk−1
s2 −

ejωeTsc−e−Tsc/τ̂

R̂s + jωeL̂σ

(
ûk−1
emf + uk−1

d

)
(4.50)
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Fig. 4.6: Bode diagram of F (z) at 100 Hz with h = 0.25.

Considering the actual disturbance ud is unknown, the applied voltage can be com-

puted with the estimated disturbance as

(
uk−1
s

)ref
=
(
uk−1
s1

)ref
+

R̂s

1− e−Tsc/τ̂
· e

jωeTsc−e−Tsc/τ̂

R̂s + jωeL̂σ
ûk−1
d (4.51)

where urefs1 was expressed in (4.44). When the above voltage is applied, the actual

stator current at kth instant can be obtained as

iks = e−Tsc/τ̂ik−1
s +

1− e−Tsc/τ̂

R̂s

(
urefs

)k−1 − ejωeTsc−e−Tsc/τ̂

R̂s + jωeL̂σ

(
ûk−1
emf + ûk−1

d

)
(4.52)

It is clear that if ûd is not accurately estimated, there would be error between iks

and
(
iks
)ref

. Considering (4.48), a sliding-mode disturbance adaptation scheme is

developed as

eki =
(
iks
)ref − iks (4.53)

ûkd = ûk−1
d ejωeTsc + λZ

(
eki
)

(4.54)

where λ > 0 is adaptation gain of the disturbance and Z(•) is a boundary switching
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function which is defined as

Z(ei) =


ei
|ei| if |ei| > σ

ei if |ei| < σ

(4.55)

with σ as the boundary width. Subtracting (4.52) from (4.50) yields

ei(k) =
ejωeTsc−e−Tsc/τ̂

R̂s + jωrL̂σ
eu(k − 1) (4.56)

where ek−1
u = uk−1

d − ûk−1
d is the estimation error of disturbance. If λ is designed as

λ = hejωeTsc
R̂s + jωrL̂σ
ejωeTsc−e−Tsc/τ̂

(4.57)

the relationship between ûd and ud can be calculated based on (4.53)-(6.27) as

F (z) =
ûd(z)

ud(z)
=

hejωeTscz−1

1− (1− h)ejωeTscz−1
(4.58)

To ensure stability of the disturbance estimation, h should be selected in the range

of 0 < h < 2. Noted that F (z) is derived when the state variable stays within

boundary width, i.e., |ei| < σ. It is clear that F (ejωeTsc) = 1. Thus, the developed

method can track the disturbance at fundamental frequency without magnitude

error and phase delay, as also be confirmed by the bode plot in Fig. 4.6.

After obtaining the estimated disturbance ûkd, it is used in (4.49) instead of unknown

ukd to calculate the voltage reference. It should be noted that in practical application,

there is one-step delay between the calculated voltage and the applied voltage. To

compensate for the delay, (4.49) should be shifted forward by one step. The required

stator current ik+1
s and ûk+1

d can be simply predicted by shifting (4.47) and (4.54)

one-step ahead respectively. In conclusion, the procedure of the proposed discrete-

time predictive current control is summarized as the following steps:



64

𝑅෠௦
1 െ 𝛼ଵ

൅
െ

𝑍ሺ𝒆௜ሻ



1
𝑧

𝒖ෝௗ
௞

𝑒௝ఠ೐ ೞ்೎

൅
൅

𝒊௦
௞

𝛼ଵ
൅

1 െ 𝛼ଵ

𝑅෠௦

𝒖௦
௞

൅ 𝒊௦
௞ାଵ

𝒊௦
௞ାଶ ௥௘௙

൅
െ𝛼ଵ

𝛼ଶ
𝒖ෝ௘௠௙

௞൅
൅

𝑒௝ఠ೐ ೞ்೎

𝒖௦
௞ାଵ ௥௘௙

𝒊௦
௞ ௥௘௙

൅
൅

Fig. 4.7: Schematic diagram of the proposed DPCC.

1. Estimate disturbance voltage ûkd according to (4.53) and (4.54).

2. Predict ik+1
s according to (4.47) based on the measured current iks and the

estimated ûkd.

3. Calculate the reference voltage
(
uk+1
s

)ref
based on the step 1) and 2) by shift-

ing (4.49) one-step ahead as

(
uk+1
s

)ref
=

R̂s

1− e−Tsc/τ̂
{(
ik+2
s

)ref − e−Tsc/τ̂ik+1
s +

+
ejωeTsc−e−Tsc/τ̂

R̂s + jωrL̂σ

[
ûk+1
e + ûk+1

d

]}
(4.59)

where
(
ik+2
s

)ref
= (irefd + irefq )ej(θr+2ωeTsc), ûk+1

emf = jωe
Lm
Lr
ψde

j(θr+ωeTsc) and

ûk+1
d = ûkde

jωeTsc .

The schematic diagram of the whole algorithm is shown in Fig. 4.7. In the figure,
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the parameters α1 and α2 are expressed as follows

α1 = e−Tsc/τ̂ (4.60)

α2 =
ejωeTsc−e−Tsc/τ̂

R̂s + jωeL̂σ
(4.61)

4.4 Closed-loop Control With Synchronized PWM Schemes

Under low pulse ratio operation, the conventional space vector modulation (SVM)

or carrier based sinusoidal PWM (SPWM) presents significant current distortions

including large low-order harmonics and sub-harmonics [137]. The harmonic com-

ponents would lead to higher motor losses, larger torque ripples and poorer current

control bandwidth, etc. To address this problem without increasing switching fre-

quency of the inverter, a feasible method is to apply synchronized PWM schemes.

4.4.1 Hybrid Synchronized PWM Schemes

For a two-level inverter, there are two zero vectors and six different active vectors,

dividing the complex plane into six sectors, as shown in Fig. 4.8. Generally, PWM

schemes with higher pulse ratio N can produce better harmonic performance but
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higher switching losses. When the motor speed increases, the switching frequency

increases accordingly when N is kept constant. Additionally, the inverter switch-

ing losses increase when the output power is increased. Hence, to reduce switching

losses, pulse ratio should be decreased with higher motor speed and larger output

power. For satisfying the requirements over the whole speed range, the hybrid PWM

schemes with different pulse ratios are usually employed. In this study, the follow-

ing PWM schemes, synchronous SVPWM with N = 15, 3 and basic bus clamping

strategy-I (BBCS-I) PWM with N = 11, 7 are selected according to [139, 144]. For

simplicity, they are named as SVPWM 15, SVPWM 3, BBCS 11 and BBCS 7 re-

spectively in the following text. The vector sequences of these PWM schemes during

sector 1 are listed in Table 4.1. More characteristics about these PWM schemes can

be found in [139, 144, 176]. According to Table 4.1, two conditions should be sat-

isfied to generate the desired pulse shapes. The first one is that the phase angle

of voltage vector must equal the sampling positions defined in the second column.

The second one is that the voltage vector at these sampling positions should be

synthesized by the corresponding vector sequences as shown in the third column.

The modulation index here is defined as

M ref =

√
3urefs
Udc

(4.62)

The maximum value of M ref is 2
√

3/π ≈ 1.1027 when inverter operates at six step

mode.

Before these PWM methods are employed in the closed-loop control system, some

issues must be solved. Firstly, the synchronization must be well kept in both steady

and dynamic processes. Secondly, the smooth and fast transition between different
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Table 4.1 : Synchronous PWM Schemes

P Position of samples in sector 1 Vector Sequences in sector 1

15 6◦, 18◦, 30◦, 42◦, 54◦ 0127, 7210, 0127, 7210, 0127

11 6◦, 18◦, 30◦, 42◦, 54◦ 012, 210, 0127, 721, 127

7 10◦, 30◦, 50◦ 127, 7210, 012

3 30◦ 0127

PWM schemes should be achieved to avoid current/torque oscillations. Thirdly, the

output fundamental voltage of the inverter must coincide with the reference voltage.

Because the reference voltage is usually used in the observer to get the information

of flux. Finally, stable and fast control of stator current should be guaranteed under

low switching frequency operation. The following text will present some methods to

cope with these problems. It is assumed in this study that both the current sampling

and PWM updating instant are synchronized with the sampling position as shown

in the second column of Table 4.1. This is based on the consideration that there

is no switching transition at these sampling position and thus the current sampling

would not be polluted by switching noise. Additionally, the selected PWM schemes

are space vector based methods, the acquisition of fundamental current is permitted

at the end of each subcycle [137]. This makes control of stator current without

fundamental component estimation possible. Another benefit is that, as the current

sampling is synchronized with PWM updating instant, it is easier to analyze and

handle the modulation delay based on previous researches, such as [5, 63].
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4.4.2 Synchronization Scheme

To maintain synchronization, two following steps are taken. The first step is to set a

proper PWM updating frequency fpwm to keep the pulse ratio constant over a speed

range, which are 30fe, 30fe, 18fe and 6fe for SVPWM 15, BBCS 11, BBCS 7 and

SVPWM 3 respectively. The second step is to match the PWM updating instant.

During the steady state, the voltage vector rotates in the complex plane smoothly.

Thus, if the first step is implemented, the increment of the angle of the voltage

vector will always be the same. Take the SVPWM 15 as an example, if the starting

position of the voltage vector is 6◦, then the following phase angles of the voltage

vector would be 6◦ + k · 12◦ (k = 1, 2, 3...). However, in the closed-loop system,

the phase angle of the voltage vector θu may vary sharply at any time, it is difficult

to keep θu matching the sampling position shown in Table 4.1. To address this

problem, the PWM interval set in the first step is compensated in a deadbeat fashion

to correct the mismatch. Take SVPWM 15 as an example to clarify this point, the

difference of the phase angle between θu and the sampling position shown in Table

4.1 is calculated at each starting instant of the PWM interval as

θerr = θref − θu (4.63)

Where θu = angle(us) (degree), θref = 12k + 6, k = round ((θu − 6)/12). It is clear

that to cancel θerr, the compensation of the time required is

Tcom =
πθerr
180

· 1

2πfe
=

θerr
360fe

(4.64)

After obtaining Tcom, the PWM updating interval for SVPWM 15 is

Tpwm =
1

30fe
+ Tcom (4.65)
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For the synchronization of other PWM schemes, the same method is applied. As the

compensation is performed in a deadbeat fashion, any mismatch will be corrected

in one PWM interval. Thus keeping synchronization during fast dynamic process

can be ensured.

4.4.3 Keeping Linearity between Reference and Output

With very low pulse ratio of 3, the relationship between actual modulation index of

the invert output voltage and urefs may be not linear. In this study, the compen-

sation for linearity and overmodulation is investigated directly by analyzing PWM

sequences. It is found that the gain compensation is required for SVPWM 3 and

analytic solution is derived in order to avoid using lookup tables.

For space vector based PWM, the reference voltage vector in each sector can be

synthesized by two adjacent active vectors ux and uy, and one or two zero vectors,

with their respective duty ratio calculated as

dx = M ref · sin(60◦ − α) (4.66)

dy = M ref · sinα (4.67)

d0 = 1− d1 − d2 (4.68)

where α is the angle between urefs and ux. Fig. 4.9 shows the pole voltage of

SVPWM 3 in the range of 0◦ ∼ 90◦ of the stator flux trajectory depicted in Fig.

4.10d. According to (4.66)-(4.68), the angle β can be obtained as

β = 30◦ ·
{

1−M ref
}
. (4.69)
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Fig. 4.9: Pole Voltage of phase ’a’ and corresponding vector number for SVPWM 3.

Then, the output fundamental voltage can be expressed as [148]

U =
2Udc
π

[1− 2 sin β]

Thus, the actual output modulation index of the inverter voltage for SVPWM 3 is

M inv
3 =

2
√

3

π
[1− 2 sin β] . (4.70)

Based on (4.70), to make the M inv
3 equal to M ref , the original M ref in (4.69) should

be modified as

M ref
mod =

30◦ − arcsin(0.5−
√

3πM ref/12)

30◦
. (4.71)

After the modulation index M ref is obtained from the output of the current con-

troller using (4.62), a modified virtual modulation index M ref
mod should be calculated

based on (4.71). Then, the duty ratio of each voltage vector can be calculated ac-

cording to (4.66)-(4.68) using M ref
mod instead of M ref . It should be noted that as the

deduction of (4.71) is directly based on mathematical analysis, it is precise for the

whole range of M ref , including over modulation.

Additionally, the original vector sequence in SVPWM 3 is modified and the sampling

rate is increased to 18 times of the fundamental frequency to reduce time delay. Take

the sector 1 as an example, the original vector sequence 0127 accounts for 60◦ as

shown in Table 4.1 will be modified as 01, 12, 27 with each sequence accounts for
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Table 4.2 : Modified scheme of SVPWM 3

P Position of samples in sector 1 Vector Sequences in sector 1

3 10◦, 30◦, 50◦ 01, 12, 27

20◦. After this modification, the whole vector sequence for every 60◦ is still the same

as the original. But the sampling frequency can be improved to 18fe. This would

bring some benefits to the current closed-loop control, such as lower sampling delay

and higher controller bandwidth. The modified vector sequences are listed in Table

4.2. It should be noted that the duration of each voltage vector should be kept the

same as the original to produce the same output. According to (4.68), the duration

of zero vector can be calculated as

T0 =
1−M ref

mod

6fe
. (4.72)

Considering that T0 is divided equally for u0 and u7, the duration of the active vector

u1 can be calculated as (4.73) when the sampling position of 10◦ is considered in

this example.

T1 =
1

18fe
− 0.5T0 =

3M ref
mod − 1

36fe
(4.73)

The duration of an active vector combining with a zero vector at other sampling posi-

tions can be calculated in the same way. When the sampling position is 30◦, 90◦...330◦,

both active voltage vectors account for 1/(36fe).
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(a) (b)

(c) (d)

Fig. 4.10: Flux trajectories for (a) SVPWM 15, (b) BBCS 11, (c) BBCS 7 and (d) SVPWM 3.

4.4.4 Transition Strategy

As the current/flux trajectory of the PWM pattern is different from each other, the

transition strategy should be carefully designed to avoid dynamic error which may

cause torque oscillation and over-current event. In this study, the transition strategy

is designed based on the analysis of flux trajectories of different PWM schemes. To

achieve smooth transition, the original voltage reference will be compensated by a

complex gain so that the end point of flux trajectory will be located on the new flux

trajectory after the transition. As discontinuities of stator flux trajectory due to
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the transition between different PWM patterns is compensated using this method,

there would be no dynamic error and thus the transition would be smooth and fast

[177].

The flux trajectory can be obtained according to the vector sequence listed in Table

4.1 by integration, and they are shown in Fig. 4.10. The small circles in the figures

indicating that there is a zero vector and the flux vector ψs is stationary at those

positions until an active vector is applied.

Transition between conventional SVPWM and SVPWM 15

Transition between asynchronous SVPWM and SVPWM 15 is relatively easy. As

both PWM schemes are traditional SVPWM, harmonic current is zero at the end of

each subcycle. Thus, the transition can be started at the beginning of each PWM

interval [168]. It should be noted that, though the phase angle of the voltage vector

at the transition instant may be not the same as those listed in the Table 4.1 when

transferring to SVPWM 15, the synchronization scheme described in Section 4.4.2

will help to setup the match with these positions and thus the symmetry of the

output voltage can be well maintained.

Transition between SVPWM 15 and BBCS 11

It can be seen from Table 4.1 that the sampling position of BBCS 11 is the same

as SVPWM 15, and there is only difference in the use of zero vectors for generating

vector sequences. As the zero vector does not alter the flux vector, the flux trajectory

of BBCS 11 should be the same as that of SVPWM 15. This can be clearly seen

in Fig. 4.10. It is obvious that there are more zero vectors in SVWPM 15 and the
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Fig. 4.11: Illustration of flux trajectories of BBCS 11 and BBCS 7 during one subcycle.

shapes of flux trajectory of SVPWM 15 and BBCS 11 are same. This indicates that

the transition between SVPWM 15 and BBCS 11 can be started at any sampling

position, because the flux trajectory coincides with each other. Hence, there is no

dynamic error when the transition between SVPWM 15 and BBCS 11 happens.

Transition between BBCS 11 and BBCS 7

The stator flux vector rotates 12◦ and 20◦ for BBCS 11 and BBCS 7 during their

respective subcycle. The Fig. 4.11 shows the flux trajectory in the subcycle of 270◦ ∼

282◦ and 270◦ ∼ 290◦ for BBCS 11 and BBCS 7 respectively. The corresponding

sampling positions of voltage are 6◦ and 10◦ respectively. Then, ψ11 in Fig. 4.11 can

be simply calculated according to the law of sines as follows.

ψ11

sin(84◦)
=

dψ11

sin(12◦)
(4.74)

The time of every subcyle of BBCS 11 is 1/(30fe), thus dψ11 is

dψ11 =

∣∣urefs ∣∣
30fe

. (4.75)



75

where |•| represents the magnitude of the complex vector. Based on above two

equations, ψ11 is obtained as

ψ11 =
sin(84◦)

sin(12◦)
·
∣∣urefs ∣∣
30fe

. (4.76)

Similarly, ψ7 can be deduced as

ψ7 =
sin(80◦)

sin(20◦)
·
∣∣urefs ∣∣
18fe

(4.77)

When a transition from BBCS 11 to BBCS 7 occurs, the original reference vector

urefs should be multiplied by a complex compensation gain k11 7 to make the flux

vector rotates from ψ11 · ej·270◦ to ψ7 · ej·290◦ at the end of the transition. Thus, k11 7

can be calculated as follows

k11 7 · urefs =
(
ψ7 · ej·290◦ − ψ11 · ej·270◦

)
· 18fe (4.78)

As urefs =
∣∣urefs ∣∣ ej·6◦ in this subcyle for BBCS 11, k11 7 can be obtained from (4.78)

as

k11 7 =

{
sin(80◦) cos(70◦)

sin(20◦)
− j · A

}
e−j·6

◦
(4.79)

A =
0.6 sin(84◦)

sin(12◦)
− sin(80◦) sin(70◦)

sin(20◦)
(4.80)

It can be found that the expression of k11 7 is somewhat complicated. Fortunately,

it is a fixed value independent of any parameters. Thus an approximate numerical

solution of k11 7 can be calculated offline and used in practical application, which is

k11 7 ≈ ej·3.47◦ (4.81)

It turns out that the phase angle of urefs should be compensated by 3.47◦ when

transferring from BBCS 11 to BBCS 7 at the voltage vector sampling position of
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6◦. The conclusion is valid for all transitions beginning at 60◦ ·k−54◦ (k = 1, 2...6).

Thus, there are 6 points where the transition from BBCS 11 to BBCS 7 can be

started with the proposed method.

Similarly, the transition from BBCS 7 to BBCS 11 can be started at sampling po-

sition 60◦ · k − 50◦ (k = 1, 2...6) and the complex gain k7 11 can be obtained as

k7 11 =

{
sin(84◦) cos(78◦)

sin(12◦)
− j · B

}
e−j·10◦ , (4.82)

B =
sin(80◦)

0.6 · sin(20◦)
− sin(84◦) sin(78◦)

sin(12◦)
. (4.83)

The approximate numerical solution of k7 11 is calculated as follow.

k7 11 ≈ e−j·3.11◦ (4.84)

From (4.84), 3.11◦ should be subtracted from the phase angle of urefs when trans-

ferring from BBCS 7 to BBCS 11.

Transition between BBCS 7 and SVPWM 3

Fig. 4.12 shows the trajectories of flux vector in the range of 270◦ ∼ 330◦ for

BBCS 7 and SVPWM 3, covering the sampling positions of 10◦, 30◦ and 50◦ as

listed in Table 4.2. The θ in the figure represents the rotating angle of the flux

vector within first subcyle. For SVPWM 3, it takes a time of 1/(6fe) for stator flux

rotates from 270◦ to 330◦. According to (4.62) and (4.71), the dψ3 in Fig. 4.12 can
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Fig. 4.12: Flux trajectories of BBCS 7 and SVPWM 3 during 270◦ ∼ 330◦.

be calculated as follows.

dψ3 =
∣∣ψ3e

j330◦ − ψ3e
j270◦

∣∣
=
M ref

mod · Udc√
3

· 1

6fe

=
M ref

mod

M ref
·
∣∣urefs ∣∣

6fe
(4.85)

It can be found from Fig. 4.12 that ψ3 is equal to dψ3. Hence, ψ3 can be obtained

as

ψ3 =
M ref

mod

M ref
·
∣∣urefs ∣∣

6fe
. (4.86)

Based on (4.73), the dψ3 1 in Fig. 4.12 can be deduced as

dψ3 1 =
2

3
Udc · T1 =

√
3
(

3M ref
mod − 1

)
M ref

∣∣urefs ∣∣
54fe

. (4.87)

After obtaining ψ3 and dψ3 1, ψ
′
3 can be calculated as

ψ
′

3 =
√

(ψ3)2 + (dψ3 1)2 (4.88)

And θ can be obtained as

θ = arctan(
dψ3 1

ψ3

) (4.89)
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Fig. 4.13: Flowchart of applying synchronized PWM schemes in the closed-loop current control.

In this study, SVPWM 3 is employed when M ref > 1. Namely that, the transition

between BBCS 7 and SVPWM 3 would begin at M ref = 1. As shown in Table 4.2,

the sampling positions of the SVPWM 3 are the same as those of BBCS 7 after

modification. Thus, if there is a position where the flux trajectories of two PWM

schemes coincide with each other, the transition can be started and then the stator

flux vector will follow the new one without error. To achieve this, the reference of

voltage vector is first compensated by k7 3 for BBCS 7 to cancel the error of flux

vector and then the transition is started at the next sampling position. For example,

if the transition begins at sampling position of 50◦, the compensation stage should

be performed at 30◦ . And, k7 3 can be calculated as follows.

k7 3

∣∣urefs ∣∣ ej30◦

18fe
= ψ

′

3e
j(330◦−θ) − ψ7e

j310◦ (4.90)
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Based on (4.77), (4.88) and (4.90), k7 3 is obtained when M ref = 1 as

k7 3 ≈ e−j1.82◦ . (4.91)

It is shown that only the phase angle of urefs should be compensated by −1.82◦.

Then, the smooth transition from BBCS 7 to SVPWM 3 can be triggered at the

next PWM interval. Due to the symmetry, the conclusion is valid for all transition

at sampling position of 60◦k−10◦ (k = 1, 2...6). In summary, the phase angle of urefs

is first compensated by −1.82◦ at the sampling position 60◦k− 30◦, then the output

vector sequence is shifted from BBCS 7 to SVPWM 3 at the sampling position of

60◦k − 10◦.

Similarly, the compensation gain of k3 7 can be obtained as (4.92) when transferring

from SVPWM 3 to BBCS 7 at the sampling position of 60◦k − 10◦.

k3 7 ≈ ej1.7
◦

(4.92)

Unlike other transition schemes, there are two steps for transferring from BBCS 7

to SVPWM 3, because the desired voltage vector can not be synthesized by the

individual vector sequence shown in Table 4.2. As a result, the compensation has

to be implemented in BBCS 7 before entering SVPWM 3.

It should be noted that the concept of flux trajectory here is only used for analysis,

but not used in the control system. The flowchart of the proposed method is shown

in Fig. 4.13.
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Table 4.3 : Parameters of IMs Under Test

Rated power PN 2.2 kW 180 kW

DC-bus voltage Udc 550 V 550 V

Rated voltage UN 380 V 380 V

Rated frequency fN 50 Hz 68 Hz

Number of pole pairs Np 2 2

Stator resistance Rs 1.76 Ω 0.0334 Ω

Rotor resistance Rr 1.29 Ω 0.0147 Ω

Mutual inductance Lm 0.158 H 0.0114 H

Stator inductance Ls 0.170 H 0.0118 H

Rotor inductance Lr 0.170 H 0.0118 H

4.5 Simulation and Experimental Results

To verify the effectiveness of the proposed methods, simulation tests and experi-

mental tests were carried out on the two-level inverter fed IM drive platform. The

motor parameters are listed in Table 4.3. Unless otherwise specified, the tests were

made on the down-scaled 2.2 kW IM drive. The other results are obtained with the

180 kW IM drive. In experimental tests, the developed algorithms are implemented

on a 32bit floating point DSP TMS320F28335. The internal variables are acquired

via on-board DA converter. However, the waveform of stator current is directly ob-

tained by the current probe. The experimental test rig with a 2.2 kW IM is shown

in Fig. 4.14. All the data are sampled by a digital oscilloscope and then transferred
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Fig. 4.14: Experimental setup.

to the PC for analysis and plotting.

4.5.1 Verification of Speed-sensorless Operation

The effectiveness of the proposed feedback gain matrix based AFO for speed esti-

mation is firstly validated in this subsection with model predictive current control

presented in [167].

Fig. 4.15 shows the responses of the AFO when the motor is started from a free-

running speed 1200 rpm. It is seen that the estimated speed ω̂r converges to the

actual speed quickly. There is no oscillation or inrush current during starting pro-



82

0

1000

2000

ω
r
(r
p
m
)

0

5

10

i d
(A

)
-5

0

5

10

i q
(A

)

0 0.1 0.2 0.3 0.4 0.5 0.6 0.7
time(s)

-10
0

10

i s
(A

)

ω̂r

ωr

Fig. 4.15: Simulated responses of starting from 1200 rpm to 1500 rpm with the proposed method.

cess. After ω̂r reaches ωr, the normal operation is enabled and the motor speed is

accelerated to the reference speed 1500 rpm. When iq decreases, id decreases accord-

ingly. Hence, the efficiency can be improved during light load conditions. From the

time the control system is activated to the time the speed control loop is enabled,

the whole process takes less than 0.1 second. This test confirms that a free-running

motor can be smoothly and quickly started without speed sensor using the proposed

method.

To illustrate the effectiveness of the proposed feedback gain matrix (4.28), the same

tests were carried out when the gain matrix are selected as zero and G1. With G1,

the poles of the observer is proportional to the poles of IM itself [178].
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Fig. 4.16: Simulated responses of starting from 1200 rpm to 1500 rpm with (a) zero gain matrix

and (b) G1.

G1 =

 f

λLr(k2−1)Rs−f
λLm

 (4.93)

f = λ(k − 1)(RsLr +RrLs) + j(1− k)ω̂r (4.94)

where, k is a proportional constant and it is set as k = 1.2 in the test. As can
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Fig. 4.17: Experimental results of starting from standstill to 2100 rpm with the proposed method.

be seen from Fig. 4.16, the estimated speed can not converge to the actual speed

in both cases and start of the motor fails. Hence, the smooth and quick start of a

free-running motor can only be achieved with the AFO based on the proposed gain

matrix (4.28).

Fig. 4.17 shows the experimental results when the machine starts from standstill

to 2100 rpm without load. The recorded curves from top to the bottom are actual

speed, estimated speed, torque current iq and one-phase stator current. It can be

seen that the motor accelerates quickly to the reference speed after initial speed

estimation. The estimated speed follows the actual speed well during the whole

process, indicating that the AFO works well over a wide speed range.

The proposed AFO can help to start the motor not only from standstill but also from

a rotating state. Fig. 4.18 shows the experimental results when the motor is started

from free-running conditions. At the beginning, the motor is steadily rotating at
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Fig. 4.18: Experimental results of starting from free-running state with (a) forward speed and

(b) backward speed based on the proposed method.

2100 rpm and -2100 rpm as shown in Figs. 4.18a and 4.18b respectively. Then, the

power is turned off and the rotor speed decreases gradually due to the friction load.

After a moment, the PWM inverter is re-powered. For a direct comparison, the zero
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Fig. 4.19: Experimental results of starting from a high initial speed with zero feedback gain

matrix.
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Fig. 4.20: Responses during speed reversal with the proposed AFO.

position of actual speed and estimated speed is set the same in this test. It is

clear that, the estimated speed can respond for both rotational directions quickly.
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No obvious oscillation and inrush current can be observed during starting process.

After the estimation of initial speed, the rotor speed is quickly re-accelerated to

the original reference. The estimated speed almost coincides with the actual speed,

showing good accuracy during dynamic and steady operations.

However, if feedback gain matrix is set as zero, the estimated speed can not converge

to the actual speed if the motor is initially running at a high speed, as shown in Fig.

4.19. It is seen that when the rotor speed decreases to a smaller value which is close

to the estimated speed, the motor states can still be estimated and the motor can

be precisely controlled again. However, if there is a large shaft inertia, it would be

time consuming to wait for the motor to stop. While with the proposed gain matrix,

the motor can be started without speed sensor even at a high rotating speed.

Fig. 4.20 shows speed reversal from -2100 rpm to 2100 rpm. The motor speed quickly

decelerates to zero and then accelerates to the reference. The zero-crossing of speed

is relatively smooth without obvious chattering. This test confirms satisfactory

performance of the proposed AFO during dynamic processes with variable speed.

4.5.2 Test Results for the Digital Current Controller

First, the effectiveness of the gain kd designed in (4.37) is verified by the test on a

180 kW IM with parameters listed in Table 4.3. Fig. 4.21 shows the simulated step

responses of q-axis current iq when the pulse ratio N is only 7. One can see that

the transient response of iq is fast and smooth without significant overshoot when

applying the proposed kd. Compared with the result in Fig. 4.21b, the other two

tests indicate that employing smaller controller gain leads to a relatively slower



88

50

100

0

200

400

0 0.02 0.04 0.06 0.08 0.1 0.12

time(s)

-500

0

500

(a)

50

100

0

200

400

0 0.02 0.04 0.06 0.08 0.1 0.12

time(s)

-500

0

500

(b)

50

100

0

200

400

0 0.02 0.04 0.06 0.08 0.1 0.12

time(s)

-500

0

500

(c)

Fig. 4.21: Simulated step responses of iq with (a) 0.5kd, (b) kd and (c) 1.5kd when N = 7.
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Fig. 4.22: Experimental results of iq step responses when (a) N = 7 and (b) N = 3.

dynamic response while using a higher gain results in overshoot and significant os-

cillations. The test results justify the satisfactory overall performance of the current

controller (4.33) with the designed kd. Fig. 4.22 shows the experimental results

from the down-scaled 2.2 kW IM drive when N = 7 and N = 3. The curves from

top to bottom in two figures are A-phase gate pulses, iq, id and A-phase current
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Fig. 4.23: Simulated iq step responses of (a) the controller (4.33) [5] and (b) the proposed DPCC

when N = 10.

respectively. It can be seen that iq can track its reference quickly with low pulse

ratio. These dynamic tests show that the whole regulation loop works well with the

designed parameter even when the pulse ratio is as low as 3.

Then, the performance of the proposed DPCC introduced in Section 4.3.2 is vali-

dated. The iq step responses of the proposed DPCC and the prior method [5] are
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Fig. 4.24: Experimental results of iq step responses for (a) the prior controller [5] and (b) the

proposed DPCC.

simulated with the 180 kW IM drive and the results are shown in Fig. 4.23. It is

seen that the actual q-axis current iq can track its reference quickly during dynamic

processes and there is no steady-state error during steady state for both methods.

The settling time of the prior method and the proposed method is 12.8 ms and 4.4

ms respectively when the irefq steps from zero to its rated value. Obviously, the

proposed DPCC is superior with much faster transient response when compared

with the existing method [5]. The experimental tests on the down-scaled 2.2 kW

IM were also made to confirm the effectiveness of the proposed DPCC. One can see

from Fig. 4.24 that the proposed DPCC shows very fast dynamic responses which

can eliminate tracking error in two control steps. By comparison, the iq takes much

more time to reach its reference when the prior current controller is employed.

4.5.3 Validation of Synchronized PWM Schemes based-Current Control

Fig. 4.25 shows the responses during transition between different PWM schemes.

Current and gate pulses plotted in these figures are directly measured by probe
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Fig. 4.25: Closed-loop test results of transition between different PWM schemes.
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while the information of other variables are obtained via on-board DA converter.

From top to bottom in each figure, the curves are a-phase gate pulses, iq, a-phase

current and variable flag representing different PWM schemes. From results it can

be seen that the symmetry of the gate pulse is well maintained for each synchronous

PWM method and the transition is fast and smooth without inducing any obvious

dynamic error.

Fig. 4.26 shows line voltages and corresponding weighted total harmonic distortion

(WTHD) for different PWM strategies. WTHD is calculated as

UWTHD =

√∑
(Un/n)2

U1

, n 6= 1. (4.95)

where, U1 and Un are the root mean square values of the fundamental and nth

harmonic voltages, respectively. It can be seen that the waveforms of line volt-

age are symmetry. There are no obvious sub-harmonics in line voltage and dis-

crete nontriplen-odd-order harmonic components are distinctly identifiable, indicat-

ing that the pulse ratio is well synchronized with the operating speed.

As current deviation may be corrected by the closed-loop controller, the open loop

test were also carried out, in order to clearly justify that the smooth transition can be

achieved with only transition schemes. Fig. 4.27 shows the results during transition

from BBCS 11 to BBCS 7. It is clear that there is a large current excursion during

transition if the proposed method is not applied. This test confirms the effectiveness

of the proposed method for achieving smooth transition.

Fig. 4.28 shows the dynamic performance when speed reference steps from 15 rpm

to 1500 rpm. During the whole dynamic process, id is constant regardless of the



94

0 0.0125 0.025 0.0375 0.05
t/s

-500
0

500

U
ab

/V
0 5 10 15 20 25 30 35 40 45 50

Harmonic order

0
2
4
6

H
n/(n

H
1) (

%
)

Fundamental (40 Hz) = 335.2 
       WTHD = 3.21% 

(a)

0 0.0111 0.0222 0.0333 0.0444
t/s

-500
0

500

U
ab

/V

0 5 10 15 20 25 30 35 40 45 50
Harmonic order

0
2
4
6

H
n/(n

H
1) (

%
)

Fundamental (45 Hz) = 375.2 
          WTHD = 4.15%

(b)

0 0.0091 0.0182 0.0273 0.0364
t/s

-500
0

500

U
ab

/V

0 5 10 15 20 25 30 35 40 45 50
Harmonic order

0
2
4
6

H
n/(n

H
1) (

%
)

Fundamental ( 55Hz ) = 437.2
          WTHD = 6.06% 

(c)

0 0.0077 0.0154 0.0231 0.0308
t/s

-500
0

500

U
ab

/V

0 5 10 15 20 25 30 35 40 45 50
Harmonic order

0
2
4
6

H
n/(n

H
1) (

%
)

Fundamental ( 65Hz ) = 582.9
          WTHD = 4.56%

(d)

Fig. 4.26: Line voltage and corresponding WTHD for (a) SVPWM 15, (b) BBCS 11, (c) BBCS 7

and (d) SVPWM 3.
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Fig. 4.27: Open loop test results of transition from BBCS 11 to BBCS 7 (a) with proposed

method and (b) without proposed method.

variation of iq, justifying that decoupling control of flux and torque is well achieved.

It is also clear that the transitions between different PWM strategies are smooth



95

0 0.1 0.2 0.3 0.4 0.5 0.6 0.7time(s)

0

0

0

0

BBCS_7
SVPWM_15

SVPWM

BBCS_11
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Fig. 4.29: Responses of starting from standstill. irefq increases from zero to 160 A at the rate of

80 A/s.

without introducing any oscillation in id or iq.

After the investigation on a down-scaled power testing platform, the proposed meth-

ods are implemented on the 180 kW IM drive. In the tests, speed and torque are
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sampled and transferred to the monitoring computer through serial communication

every 0.1 second. The data of current is obtained through Yokogawa’s DL850E

scopecoder. Fig. 4.29 shows the responses of rotor speed, electromagnetic torque

and phase current during motor acceleration. To avoid mechanical shock, irefq grad-

ually increases to 160 A within 2 seconds. It can be seen that the transition is

smooth between different PWM schemes. The current and torque are well con-

trolled during the whole process and there is no current/torque oscillation when

pulse ratio/switching frequency jumps.

4.6 Summary

In this chapter, the speed-sensorless control, current regulation under low pulse ra-

tio and the closed-loop control with synchronized PWM schemes are investigated

for IM drives. Firstly, the convergence condition of speed estimation for adaptive

full order observer was theoretically analyzed and then a feedback gain matrix was

proposed to make the controller capable of starting a rotating motor with unknown

rotational direction and initial speed. With the proposed method, motors rotating

at a high speed can be smoothly and quickly started without the use of a speed sen-

sor. Secondly, the proper gain design of a discrete time complex current controller

was investigated to achieve a critically damped closed-loop system. However, the

transient response of the complex current controller is relatively slow. Therefore, a

discrete-time predictive current control was developed to improve the dynamic per-

formance. In order to compensate for the side-impact of parameter mismatches, a

sliding-mode disturbance observer was proposed to eliminate the steady-state track-
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ing error. Thirdly, the implementation of closed-loop current control based on hybrid

synchronous PWM schemes was introduced. A method by compensating phase an-

gle of the voltage reference is deduced in detail to achieve fast and smooth transition

between different PWM schemes. Additionally, the varying sampling rate with on-

line correction was proposed to maintain symmetry of the output voltage pulses from

the inverter during both dynamic and steady-state operation. The whole scheme is

verified by simulation and experimental tests on both down-scaled and high power

induction motor drive platforms. The obtained steady-state and dynamic responses

validate the effectiveness of the proposed methods.
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Chapter 5

Control of Permanent Magnet Synchronous

Motor drives

5.1 Introduction

Permanent magnet synchronous motor (PMSM) drives have been widely used in

the applications of traction, lathe, renewable energy, etc. owing to their excellent

efficiency, satisfactory controllability, and good power density [112, 179–181]. For

inverter-fed PMSM, the operation under low switching frequency to fundamental

frequency ratio may occur for high power and high speed applications [182]. In the

first case, switching frequency is usually restrained at a low value to reduce switching

losses, while in the second case the rated speed of the motor is designed at a high

value, e.g. to reduce motor volume [164, 182]. In both cases, the discretization effect

cannot be ignored and must be carefully considered. Otherwise, deteriorated control

performance or even instability could be observed [5, 63]. Hence, the conventional

method, i.e., designing the current controller in the continuous-time domain with

subsequent discretization for digital implementation can not guarantee the desired

performance.

Part of this chapter has been pulished in [112, 136].
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To improve the control performance with low pulse ratio, various current controllers

have been proposed, such as complex-vector current controller [64, 67] , discrete-

time current regulator [5, 65] and digital predictive current controller [166]. How-

ever, these methods are all designed for non-salient motors and thus not suitable for

salient machines, e.g., interior permanent magnet synchronous motor (IPMSM) and

synchronous reluctance motor [6, 103]. In [6], the discrete-time design principles

presented in [5, 65] was extended to the machine with asymmetrical impedance.

However, its performance at low speed operation is relatively poor [103]. To design

discrete-time current controller, it is required to develop the discrete-time system

model first. For IPMSM, the different values of dq-axis inductance make it more

complex to design the regulator to realize the decoupled control of id and iq with low

pulse ratio. In [183], the concept of transfer matrix was employed to analyze and

design the current controller for both salient/non-salient motors. However, all the

theoretical analysis and controller design were carried out in the continuous-time

domain. For digital implementation, a proper discretization algorithm is required,

which increases complexity. Additionally, the performance at high-speed operation

may be deteriorated [5]. The reference [172] introduces a discrete-time design meth-

ods for salient machine based on state-space description. However, the controller

design requires computation of matrix exponential, which is complicated for analysis

and implementation.

Traditionally, the current control of PMSM is implemented in the rotor flux oriented

synchronous rotating reference frame, which requires rotor position for coordinate

transformation. In practical applications, the installation of position sensor is usu-
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ally inconvenient due to complex mechanical joint and higher cost. Additionally,

the optical encoder, which is most widely used for high performance position/speed

control is sensitive to the vibration, dust, etc. Therefore, the sensorless control

methods have been drawn much attention and were intensively studied during last

decades [104, 129, 134, 184]. Among various position estimators, sliding-mode ob-

server (SMO) has attracted much attention due to its simplicity and satisfactory

performance [106, 185]. The main issues of SMO in practical application include

high frequency chattering and harmonic ripples in the estimated position caused by

inverter nonlinearity and flux spatial harmonics, etc. To filter out harmonic compo-

nents, low pass filter is usually implemented. This inevitably causes phase-delay in

the disturbance estimation [136]. Apart from SMO, a low-frequency-ratio full order

observer was proposed and verified in [186]. However, to ensure stable operation

with low sampling frequency to fundamental frequency ratio, the expression of the

observer is very complicated.

To ensure satisfactory current control performance, the mathematical model of

PMSM is revised in this chapter to make it possible to extend the design principle

of the discrete-time current controller to the salient machine. Unlike that shown in

[6] which is only applicable in high-speed range, the proposed controller can achieve

the decoupled control of dq-axis current components over the entire speed range in

spite of the delay introduced by the digital implementation. Theoretical analysis

and comparison with the prior art are presented to confirm the advantages of the

proposed method.

In order to achieve position-sensorless operation, a position estimator is designed
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and analyzed in the discrete-time domain, which can ensure accurate position es-

timation under low switching frequency to fundamental frequency ratio. Normally,

the conventional SMO cannot directly provide a smooth estimation due to high fre-

quency chattering [111]. Thus filters are usually employed in practical application

to suppress ripples in the conventional SMO [136]. For the proposed position esti-

mator, theoretical study shows that a complex-coefficient filter is inherently incor-

porated, which can preserve fundamental components while suppressing harmonics.

Hence, the position information can be accurately estimated without high frequency

chattering or phase-delay during steady-state operation. Additionally, the designed

position estimator can operate stably under low sampling frequency to fundamental

frequency ratio. Simulation and experimental tests were presented to justify the

effectiveness of the proposed method.

5.2 Discrete-time Current Controller for IPMSM

Unlike surface-mounted permanent magnet synchronous motor (SPMSM), the dq-

axis inductances of IPMSM, i.e., Ld and Lq, are different. Thus, the current regulator

presented in [5, 65] cannot be directly applied to control the current of an IPMSM.

Defining the current i
′

d and i
′
q as i

′

d = Ldid and i
′
q = Lqiq, the mathematical model

(2.16) can be rewritten as
di
′
d

dt

di
′
q

dt

 =

 −Rs
Ld

ωe

−ωe −Rs
Lq

 ·
 i

′

d

i
′
q

+

 1 0

0 1

 ·
 ud

uq

+

 0

−ωeψpm

 (5.1)

It can be seen from (5.2) that the asymmetric cross-coupling term in original model

becomes symmetric by defining new control variable i
′

d and i
′
q. This facilitates the
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design of current controller as will be introduced in the following text. Equation

(5.1) can be further expressed in the complex-vector form as

di
′

dq

dt
= −f1i

′

dq − jωei
′

dq + udq −
(
jωeψpm +

(
i
′

dq

)∗
f2

)
︸ ︷︷ ︸

ued

(5.2)

where f1 = Rs
Ld+Lq
2LdLq

, f2 = Rs
Lq−Ld
2LdLq

and (•)∗ represent the conjugate complex vari-

able. The discretized form of (5.2) can be obtained by solving the following equation

i
′,k+1
dq = e−(f1+jωe)Tsci

′,k
dq +

Tscˆ

0

e−(f1−jωe)(Tsc−t) (udq(t)− ued(t)) dt (5.3)

According to (5.3) and considering udq(t) = ukdqe
−jωet, ued(t) = uke , the discrete-time

model can be obtained as [172]

i
′,k+1
dq = e−(f1+jωe)Tsci

′,k
dq +

e−jωeTsc(1− e−Tscf1)
f1

ukdq −
1− e−(f1+jωe)Tsc

f1 + jωe
uked (5.4)

It should be noted that only the fundamental component of ued is considered and

the magnitude variation of ued is neglected when deriving (5.4).

5.2.1 Discrete-time Complex-vector PI Controller

After the model is revised, the principle introduced in [5] can be employed to design

a discrete-time complex-vector PI controller. Take the ued = jωeψpm +
(
i
′

dq

)∗
f2 as

the disturbance, the following discrete-time transfer function can be obtained

i
′

dq(z)

udq(z)
=

1

f1

1− e−Tscf1
zejωeTsc − e−Tscf1

(5.5)

The digital delay in the synchronous reference frame is modeled as z−1e−jωeTsc .

Then, the current controller can be obtained by zero/pole cancellation as [5]

Gc = kc
1− z−1e−Tsc(jωe+f1)

1− z−1
e2jωeTsc (5.6)
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Fig. 5.1: Schematic diagram of the discrete-time current controller for IPMSM.

Fig. 5.1 shows the schematic diagram of the revised digital current controller which

is suitable for IPMSM. It should be noted that the feedforward disturbance com-

pensation should be compensated by ku = 2
ωrTsc

sin(ωeTsc
2

)e1.5jωeTsc [63]. Unlike [6],

in which the influence of the stator resistance is neglected, the proposed controller

is constructed based on a more detailed model and thus works well not only in the

high speed range but also in low and medium speed range. The difference from [5]

is that the proposed digital current controller requires a simple pre-processing step,

i.e., multiplying the d-axis current and q-axis current with the coefficient Ld and Lq

respectively so that it is applicalbe for the salient machine.

5.2.2 Discrete-time Disturbance Observer based Predictive Current Con-

trol

Based on (5.4), the voltage that can force i
′,k+1
dq to reach its reference can be solved

as

ukdq =
f1e

jωeTsc

(1− e−Tscf1)

(
i
′,ref
dq − e−(f1+jωe)Tsci

′,k
dq +

1− e−(f1+jωe)Tsc

f1 + jωe
uke

)
(5.7)

However, the motor parameters may deviate from its nominal value during the

operation due to saturation, temperature variation, etc. It is shown in [111, 112]
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that parameter mismatch would result in steady-state error in the reference tracking

for predictive current control. Thus, the voltage computed in (5.7) cannot guarantee

zero steady error in practical application. If there are parameter mismatches, (5.4)

can be rewritten as [112]

i
′,k+1
dq = e−(f1+jωe)Tsci

′,k
dq +

e−jωeTsc(1− e−Tscf1)
f1

ukdq −
1− e−(f1+jωe)Tsc

f1 + jωe

(
uked + dkp

)
(5.8)

where dkp is the disturbance resulted from parameter mismatches.

To eliminate the steady-state tracking error, a simple sliding-mode disturbance ob-

server is developed as follows.

∆ik = i
′,ref
dq − i

′,k
dq (5.9)

d̂kp = d̂k−1
p + λ

f1 + jωe
1− e−(f1+jωe)Tsc

Z(∆ik) (5.10)

where λ > 0 is adaptation gain of the disturbance and Z(•) is a boundary switching

function which is defined as

Z(∆i) =


∆i
|∆i| if |∆i| > σ

∆i if |∆i| < σ

(5.11)

With the estimated d̂kp, the voltage command can be calculated according to (5.8)

as

ukdq =
f1e

jωeTsc

(1− e−Tscf1)

(
i
′,ref
dq − e−(f1+jωe)Tsci

′,k
dq +

1− e−(f1+jωe)Tsc

f1 + jωe

[
uke + d̂kp

])
(5.12)

Substituting (5.12) into (5.8) yields

∆ik+1 =
1− e−(f1+jωe)Tsc

f1 + jωe

(
dkp − d̂kp

)
(5.13)
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Fig. 5.2: Bode diagram of d̂p(z)/dp(z) with different λ.

Based on (5.10) and (5.13), the relationship between the estimated disturbance d̂kp

and its actual value dkp can be easily derived as

d̂p(z)

dp(z)
=

λ

z − (1− λ)
(5.14)

To ensure a stable estimation, λ should satisfy the following condition

0 < λ < 2 (5.15)

It is seen from (5.14) that the estimated disturbance d̂kp is its actual value passing

through a low pass filter, as seen from Fig. 5.2. A larger λ results in faster dynamic

response but also less noise immunity. Therefore, λ should be selected based on the

trade-off between the dynamic and steady-state performance.

In practical application, there is usually one-step digital delay between the voltage

command and the actual voltage. To compensate for the side-impact of the digital

delay, the voltage uk+1
dq should be calculated. The detailed implementation steps are

summarized as follows.
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Fig. 5.3: Block diagram of the proposed discrete-time predictive current controller.

1. Calculate the disturbance d̂kp based on (5.9) and (5.10);

2. Calculate i
′,k+1
dq based on (5.8) using the estimated disturbance and the voltage

calculated in the last control period;

3. Calculate uk+1
dq by shifting (5.12) one-step ahead as

uk+1
dq =

f1e
jωeTsc

(1− e−Tscf1)

(
i
′,ref
dq − e−(f1+jωe)Tsci

′,k+1
dq +

1− e−(f1+jωe)Tsc

f1 + jωe

[
uke + d̂kp

])
(5.16)

It is assumed that uk+1
e ≈ uke and d̂k+1

p ≈ d̂kp hold from kth instant to (k +

1)th instant, which is usually reasonable because they are DC component

during steady state. After the calculation of uk+1
dq , the voltage reference at the

stationary reference frame can be finally computed as

uk+1
αβ = uk+1

dq ej(θ
k
r+ωeTsc) (5.17)

The schematic diagram of the proposed disturbance observer based predictive cur-

rent control is shown in Fig. 5.3. The detailed expressions of the coefficient α0,1,2
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are listed as follows. 

α0 = e−jωeTsc (1−e−Tscf1 )
f1

α1 = e−(f1+jωe)Tsc

α2 = 1−e−(f1+jωe)Tsc

f1+jωe

(5.18)

5.3 Discrete-time Position Estimator

5.3.1 Design of the discrete-time Position Estimator

In the prior research [104, 129, 134], the discrete-time PMSM model is usually

obtained by applying the simple Euler method, which is not accurate under low

sampling frequency ratio [186]. However, the detailed model shown in [175, 186] is

somewhat complicated in practical application. In this section, a simple but accurate

model will be developed and employed for designing the sliding-mode observer for

position estimation.

The accurate discrete-time version of (3.13) can be derived as

ik+1
s = e−Tsc/τiks +

1− e−Tsc/τ

Rs

uks −
ejωeTsc−e−Tsc/τ

Rs (1 + jωeτ)︸ ︷︷ ︸
kE

Ek (5.19)

where τ = Lq/Rs, E
k = dψexte

jθr/dt is the EMF term and ψext = ψpm + (Ld −

Lq)id is the extended flux. It can be seen from (5.19) that the coefficient kE is a

little complex. By applying the second-order Taylor series, ejωeTsc−e−Tsc/τ can be

approximately expressed as

ejωeTsc−e−Tsc/τ ≈ Tsc
τ

(1 + jωeτ)− T 2
sc

τ 2
(1 + ω2

eτ
2) (5.20)

Substituting (5.20) into kE yields
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Fig. 5.4: Phase error introduced by simplifying kE .

kE ≈
Tsc
Lq

(
1− Tsc

τ
+ jωe

Tsc
2

)
≈ Tsc
Lq
e0.5jωeTsc (5.21)

Fig. 5.4 shows the phase angle difference between the simplified kE (5.21) and its

actual value under different sampling frequency to fundamental frequency ratio. It

can be seen that the phase error resulted from the simplified kE is no more than

5 × 10−4 degrees even when the pulse ratio decreases to 5. Therefore, utilizing the

simplified kE would not introduce significant phase error for rotor position estima-

tion in practical application. With the simplified kE, (5.19) is rewritten as

ik+1
s = e−Tsc/τiks +

1− e−Tsc/τ

Rs

uks −
Tsc
Lq
e0.5jωeTscEk (5.22)

Additionally, Ek can be calculated during steady state as

Ek = ejωeTscEk−1 (5.23)

Based on (5.22) and (5.23), a discrete-time sliding mode observer is designed as

Êk = ejωeTscÊk−1 + hTscu
k
o (5.24)

îk+1
s = e−Tsc/τ îks +

1− e−Tsc/τ

Rs

(
uks − uko

)
− Tsc
Lq
e0.5jωeTscÊk (5.25)

where h > 0 is a gain and uo is the control function. Subtracting (5.22) from (5.25)
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Fig. 5.5: Block diagram of the proposed discrete-time observer.

yields

∆ik+1 = e−Tsc/τ∆ik − Tsc
Lq
e0.5jωeTsc∆Ek − 1− e−Tsc/τ

Rs

uko (5.26)

where ∆i = îs − is, ∆E = Ê − E are estimation errors. Setting the estimation

error decays exponentially, i.e.,

∆ik+1 = (1− gTsc)ejωeTsc∆ik (5.27)

where g > 0 is a parameter needs to be designed. Moreover, taking unknown ∆Ek

as the disturbance, the control function uko can be derived from (5.26) as

uko =
Rs

1− e−Tsc/τ
(
e−Tsc/τ − (1− gTsc)ejωeTsc

)
∆ik (5.28)

With the developed uko , the EMF term Êk can be accurately estimated based on

(5.24) and (5.25). Considering Êk = jωeψpme
jθkr during steady state, the rotor

position θkr can be estimated as

θ̂kr = angle(Êk)− sgn(ωe)
π

2
(5.29)

where angle(Êk) represents phase angle of Êk and sgn() represents sign function.

The block diagram of the proposed position estimator is shown in Fig. 5.5. In the
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figure, the detailed expression of m is m = g+(e−Tsc/τ −1)/Tsc. Due to the inherent

filtering capacity, the high-frequency ripples can be effectively suppressed in the

estimated Êk, which will be validated in the next section. Hence, the position θ̂kr

can be directly calculated as (5.29) without necessity of employing a phase-locked

loop.

5.3.2 Analysis of the Position Estimator

Submitting uko into (5.26) results in

∆ik+1 = (1− gTsc)ejωeTsc∆ik −
Tsc
Lq
e0.5jωeTsc∆Ek (5.30)

According to (5.30), the following transfer function can be obtained.

F1(z) =
∆i(z)

∆E(z)
= −Tsce

0.5jωeTsc

Lq

1

z − (1− gTsc)ejωeTsc
(5.31)

To ensure stability, the pole p = 1 − gTsc must satisfy the requirement of |P | < 1,

i.e.,

0 < g <
2

Tsc
(5.32)

According to (5.28) and (5.31), the relationship between uo and ∆E can be derived

as

F2(z) =
uo(z)

∆E(z)
= − TscRse

0.5jωeTsc

Lq(1− e−Tsc/τ )
e−Tsc/τ − (1− gTsc)ejωeTsc
z − (1− gTsc)ejωeTsc

(5.33)

Additionally, the relationship between Ê and uo can be obtained from (5.24) as

Ê(z) =
hTsc

1− ejωeTscz−1
uo(z) (5.34)

Setting the parameter h as

h =
ωcLq(1− e−Tsc/τ )gejωeTsc

(e−Tsc/τ − (1− gTsc)ejωeTsc)Rse0.5jωeTsc
≈ ωcgTsce

0.5jωeTsc

(e−Tsc/τ − (1− gTsc)ejωeTsc)
(5.35)
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Fig. 5.6: Frequency-magnitude responses of F3(z).

the term huo can be simplified as

huo(z) =
−ωcgTscejωeTsc

z − (1− gTsc)ejωeTsc
∆E(z) (5.36)

where ωc > 0 is a parameter. Based on (5.34) and (5.36), the following transfer

function can be obtained.

F3(z) =
Ê(z)

E(z)
=

gωcT
2
sce

jωeTsc

1 + gωcT 2
sce

jωeTsc + ejωeTsc(gTsc − 2)z−1 − e2jωeTsc(gTsc − 1)z−2

(5.37)

From (5.37), it can be found that F3(ejωeTsc) = 1, indicating that the proposed

method can estimate fundamental component of the concerned EMF term E with-

out magnitude or phase error. Additionally, the frequency-magnitude responses as

shown in Fig. 5.6 justify that the proposed method can maintain the fundamental

component while suppressing the undesired harmonics.

5.4 Simulation and Experimental Results

Both simulation and experimental tests were carried out to verify the effectiveness
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Table 5.1 : Parameters of PMSMs Under Test

Rated power PN 2.2 kW 150 kW

Rated frequency fN 100 Hz 300 Hz

Number of pole pairs Np 4 4

Stator resistance Rs 2.58 Ω 0.015 Ω

d-axis inductance Ld 28.1 mH 0.19 mH

q-axis inductance Lq 42.5 mH 0.58 mH

Flux linkage ψpm 0.38 Wb 0.092 Wb

of the proposed methods. The motor parameters are listed in Table 5.1. The sim-

ulation tests are performed on a 150 kW IPMSM drive. However, the experimental

tests were made on a down-scaled 2 kW IPMSM drive due to the limitation of the

test-rig in the laboratory. In practical tests, the developed algorithms are imple-

mented on a 32bit floating point DSP TMS320F28335. The implemented control

algorithm can be easily applied for a high-power IPMSM drive but just changing

motor parameters. The internal variables are acquired via on-board DA converter.

However, the waveform of stator current is directly obtained by the current probe.

All the data are sampled by a digital oscilloscope and then transferred to the PC

for analysis and plotting. Fig. 2.3 shows the block diagram of the vector control for

the PMSM drives. To improve the efficiency, the look-up tables are used to generate

current commands to achieve maximum torque per ampere (MTPA) control.
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5.4.1 Test Results for the Designed Current Controller

For simplicity, the discrete-time complex-vector PI controller in Section 5.2.1 and

disturbance observer based predictive current controller in Section 5.2.2 are named

as DT-CVPI and DO-PCC respectively in the following text.
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Fig. 5.7: Simulated dynamic responses of (a) the existing current controller [6] and (b) DT-CVPI

with 2 kHz sampling frequency when the motor starts from standstill to 100 Hz.

Fig. 5.7 shows the simulated response of the prior current controller [6] and the
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Fig. 5.8: Simulated dynamic responses of (a) DT-CVPI and (b) DO-PCC with 2 kHz sampling

frequency at 300 Hz. L̂d = 1.2Ld, L̂q = 1.2Lq, ψ̂pm = 0.5ψpm.

proposed DT-CVPI when the motor accelerates from standstill to 100 Hz. It is

shown that there are significant ripple components in the dq-axis currents when the

prior current controller is employed at low-speed range. The same conclusion can

be found in [103]. By comparison, the waveform of the feedback current is smooth if

the proposed DT-CVPI is adopted. This test confirms that the proposed DT-CVPI

is superior when compared with the prior method [6] at low-speed operation.

Fig. 5.8 shows simulation results of the DT-CVPI and DO-PCC under parameter
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mismatches: L̂d = 1.2Ld, L̂q = 1.2Lq, ψ̂pm = 0.5ψpm. The sampling frequency is

2 kHz and the electrical rotor speed is 300 Hz. Thus, the sampling frequency to

fundamental frequency ratio fratio is fratio = 2000/300 ≈ 6.67. It is seen that both

controllers can work stably under low frequency ratio. Although there are some

parameter mismatches, there is no static error during steady state. Additionally,

the actual id and iq can well track their references during dynamic process. The test

can confirm good parameter robustness and satisfactory steady-state and transient

performance of both controllers. However, the DO-PCC presents faster dynamic

response when compared with DT-CVPI. As shown in Fig. 5.9, when the current

commands steps from zero to its rated value, it takes 8.6 ms for the DT-CVPI to

arrive the reference. On the contrary, the settling time of the proposed DO-PCC

is only about 1 ms. The prior current controller [5] is also tested to confirm the

effectiveness of modifying the IPMSM model for the design of DT-CVPI. As the prior

current controller is designed for the nonsalient machine, the average inductance

(Ld + Lq)/2 is applied in practical implementation [6]. It can be seen that the

prior current controller consumes longest time to reach its reference and there is

significant overshoot in the id. It is clear that the proposed DT-CVPI is more

suitable for IPMSM than the prior current controller.

Fig. 5.10 shows experimental results of the dynamic responses when the rotor speed

increases from 50 Hz to 100 Hz. The switching frequency and sampling frequency is

500 Hz in the test. One can see that both controllers perform well when the frequency

ratio fratio decreases from 10 to 5. The main difference is that DO-PCC presents

much faster transient response than DT-CVPI. Fig. 5.11 shows experimental results
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Fig. 5.9: Simulated step responses of (a) the prior current controller [5] (b) DT-CVPI and (c)

DO-PCC with 2 kHz sampling frequency at 200 Hz.
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Fig. 5.10: Experimental results of dynamic responses for (a) DT-CVPI and (b) DO-PCC with

500 Hz sampling frequency when rotor speed increases from 50 Hz to 100 Hz.

when the external load is suddenly applied and then released. In the test, a PI

controller is utilized to regulate speed and the speed reference is kept constant at

100 Hz. It is seen that when the load is changed, the rotor speed can quickly return

to its reference. The actual q-axis current iq can accurately track the command

without static error for both controllers.
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Fig. 5.11: Experimental results of dynamic responses for (a) DT-CVPI and (b) DO-PCC with

500 Hz sampling frequency when the load is suddenly applied and then released.

5.4.2 Verification of the Position-sensorless Operation

Fig. 5.12 shows the simulated responses of the estimated position at speed of 10 Hz

and 300 Hz. As the sampling frequency is 2 kHz, the corresponding frequency ratios

fratio are 20 and 6.67 respectively. From the simulation results, one can see that

the estimated position coincides very well with the actual rotor position at both low

and high speeds. Although there are significant current ripples when the frequency
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Fig. 5.12: Simulation results of position estimation with 2 kHz sampling frequency at the speed

of (a) 10 Hz (fratio = 20) and (b) 300 Hz (fratio ≈ 6.67).

ratio fratio decreases to relatively low value, there are no harmonics in the estimated

position.

Fig. 5.13 shows the simulated position error when the rotor speed accelerates from

10 Hz to 300 Hz. If the conventional observer with Euler discretization is employed,

the rotor position estimation error ∆θ = θr − θ̂r gradually increases when the rotor

speed increases. Hence, the performance of the conventional Euler based observer
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Fig. 5.13: Simulated position estimation error when the rotor speed increases from 10 Hz to 300

Hz with 2 kHz sampling frequency. (a) Using the observer with the conventional Euler

discretization. (b) Using the proposed observer.

degrades under low sampling frequency to fundamental frequency ratio. When the

rotor speed reaches to 3200 rpm (fratio ≈ 9), the whole control system becomes

unstable. By comparison if the proposed observer is employed, the rotor speed can

be increased to the rated value. The maximum estimation error is only 0.07 rad

during the speed variation. However, the steady state error is zero at both low
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Fig. 5.14: Steady-state responses of the position-sensorless control under the rated load with 500

Hz sampling frequency at (a) 10 Hz (fratio = 50) and (b) 100 Hz (fratio = 5).

speed and high speed. The position estimation error during dynamic process is

mainly caused by the speed delay because a low-pass filter is employed to filter out

ripples in the estimated speed.

Fig. 5.14 shows steady-state responses with the rated load at 150 rpm and 1500 rpm.

It is seen that the position error is small at low-speed and high-speed operation.

The observer and current controller work stably when the frequency fratio is only
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5. Due to low frequency ratio, the stator current is somewhat distorted at high

speed. However, the estimated position is still in accordance with the actual value

and the average position error is almost zero. As back-EMF is small at low speed,

the observer is more sensitive to non-ideal factors, such as deadtime, noises and DC
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time(s)

Fig. 5.15: Experimental results of responses to sudden load change at 100 Hz with 500 Hz

sampling frequency.
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Fig. 5.16: Experimental results of responses during speed variation from 10 Hz to 100 Hz with

500 Hz sampling frequency.
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bias in the measurement. As a result, the harmonic ripples in the position estimation

are larger when compared with that at high speed. However, the observer is still

stable under the rated load and the waveform of the stator current is sinusoidal

without significant distortions. The tested results confirm that the proposed position

estimator can work well under the rated load over a wide speed range and can keep

good accuracy with low frequency ratio.

Fig. 5.15 shows experimental results when the rated external load is suddenly ap-

plied and then released at the rated speed. When the q-axis current changes, the

estimated position would slightly deviate from its actual value. The maximum esti-

mation error is about 9.5 degrees in this test. Although the frequency ratio is only

5, the system is stable and the average position estimation error during steady state

is nearly zero.

Fig. 5.16 shows the tested responses during speed variation. Initially, the motor

is rotating at 150 rpm. After a moment, the motor accelerates to 1500 rpm and

then returns to 150 rpm. It can be seen that the position estimator can work stably

during fast speed change (≈2900 rpm/s). At low speed operation, the observer is

more sensitive to non-ideal factors of the inverter [123]. Therefore, the position

errors get larger as speed decreases. Nevertheless, there is no excessive position

error during fast speed variation.

5.5 Summary

In this chapter, the mathematical model of the IPMSM was modified based on which

a discrete-time current controller was designed and verified by simulation and exper-
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imental tests. Compared with the prior complex-vector controller, the proposed one

presents better decoupling control performance for the salient machine. However,

similar to the prior method, the settling time during the dynamic process is relatively

long. To further improve the transient performance, a digital predictive current con-

troller was developed based on online disturbance adaption. Both controllers can

work stably under low sampling frequency to fundamental frequency ratio without

static tracking error. Simulation and experimental tests were carried out to validate

the effectiveness of the proposed current controllers. Moreover, a discrete-time posi-

tion observer was proposed to achieve position-sensorless operation. As the observer

was directly designed based on a discrete-time domain model, the observer presents

satisfactory estimation accuracy even under low frequency ratio. Simulation and

experimental results validated that the proposed observer can accurately estimate

the rotor position over a wide speed range. With the proposed current controller

and position observer, high-performance position-sensorless control of IPMSM drive

can be achieved under low frequency ratio. Therefore, the proposed methods are

suitable for high-power and high-speed traction motor drives.
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Chapter 6

Gearshift Control of the Dual Motor-Based

Multi-speed Transmission

6.1 Introduction

Due to the increased global concern on air pollution, energy shortage and climate

change, vehicle electrification picks up pace in the automobile industry recently [187].

Although great achievements have been made during past decades, the powertrain

configurations, control schemes, etc. should be further improved to increase the

competitiveness of an electric vehicle against convention internal combustion engine

(ICE) based vehicles [187–189].

Compared to ICE, the electric motor features satisfactory controllability with fast

dynamic response and good steady-state performance [190]. As a result, the vehicle

can be smoothly launched from the standstill and thus equipment of a multi-speed

transmission is not compulsory for a pure electric vehicle (PEV). However, it is still

suggested in the existing research to employ multi-speed transmission (MST) for bet-

ter driveability and overall efficiency [8–12]. With the proper MST configuration and

control schemes [9], the power interruption during gearshift can be avoided, thereby,

the long-term cost could be reduced without sacrificing driving performance [13].

Compared with the single-speed transmission, some additional effort is required for

MST to guarantee smooth gearshift and suppress the shift jerk. Additionally, during
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fast acceleration process, driveline oscillations may be induced which would last for

a long-time duration due to poor damping at the natural frequency. Specifically,

low frequency oscillations at the frequency range of 1-10 Hz have a large impact

on the driving comfort [162]. Hence, proper damping control method is necessary

to reduce the sensitivity of shaft vibrations against motor torque variation during

dynamic processes [191].

In conventional ICE vehicles, friction clutch, torque converter and torsional damper

are usually adopted to ensure engine power is smoothly transferred to the wheel.

Considering these mechanisms are relatively bulky and low efficiency, they are not

recommended in a PEV transmission [12]. In this scenario, oscillations tend to oc-

cur in the driveline during gearshift and other transient processes due to lack of the

ability to passively suppress torsional vibrations, resulting in significant up-down

fluctuations of the vehicle jerk. To improve driving comfort, suppression of such

vibrations is an important topic in the control of EVs [154, 192]. In [153], the

difference between motor speed and vehicle speed is fed to a proportional-integral-

derivative (PID) controller to suppress gearshift related oscillations. Satisfactory

suppression of driveline vibrations is achieved but no theoretical analysis was car-

ried out. As vehicle speed and motor speed are obtained from different control units,

the network communication is required to collect speed information. However, the

time delay of the network communication deteriorates control performance and thus

proper delay compensation is required in practical application [152]. In [193], feed-

forward torque compensation and feedback of speed error are combined to attenuate

the torque demand and disturbance related vibrations respectively. The controller



127

presented in [193] only requires motor torque and speed as the input which means

the damping control algorithm can be integrated into the motor drive. In this way,

network communication is not required and the complex delay compensation is thus

avoided. Although fast and smooth acceleration response can be achieved, the con-

troller is constructed based on the principle of canceling poorly damped poles which

relies on accurate system model, giving rise to weak robustness against vehicle iner-

tial variation. Considering vehicle inertial would change along with passengers and

luggages, the damping controller must be able to handle the parameter mismatch.

Some advanced control schemes, such as Linear-Quadratic-Gaussian (LQG) [154],

H∞ control [155], and model predictive control (MPC) [194], have also been applied

to the active damping control. These optimization based controllers are attractive

owing to their optimal performance in theory but they are usually complicated in

the design and implementation.

In this chapter, aiming at improving the transient performance of a dual motor-based

multi-speed transmission (DMMT) during and after gearshift, a discrete-time sliding

mode torque observer (DSMTO) is designed and then a closed-loop torque control

plus active suppression of torsional vibration is developed. The main contributions

of the proposed method can be summarized as follows. 1) An extended sliding mode

torque observer is designed in the discrete-time domain. As the discrete-nature of

the implementation in a digital processor is directly considered in the design stage,

more accurate result can be obtained in practical implementation. Due to the inher-

ent low-pass filtering effect, the proposed DSMTO is immune against measurement

noise and there is no high-frequency chattering problem as that of the conventional
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sliding mode observer. 2) A gearshift control method based on closed-loop torque

regulation is proposed for the presented DMMT. By coordinated motor torque and

speed control, fast gearshift without power interruption is achieved. 3) An active vi-

bration damping control is designed and theoretically analyzed to suppress driveline

oscillations induced by imperfect speed synchronization and the variation of shaft

torque. Compared with the prior art, the proposed DSMTO and active damping

control method only rely on the information of motor torque and speed. The wheel

speed and unknown vehicle resistance torque, etc. are not required in the proposed

controller. Therefore, the algorithm of the proposed DSMTO and active damping

control can be directly integrated into the motor driver. Therefore the compensa-

tion for time delay due to network communication [152] and the exhaustive effort

required on improving system robustness against unknown disturbances [31] are not

required. Simulation and partial experimental results are demonstrated to verify

the effectiveness of the proposed schemes.

6.2 DSMTO-based Active Damping Control

6.2.1 Sliding mode Torque Observer

Since the active damping control proposed in this chapter requires the information of

the torque transmitted by the dog clutch, which is not directly available, a DSMTO

will be developed in this section. In the existing literature [195, 196], the minimum

value of the sliding mode gain is usually derived to guarantee stability. However, it

will be shown in this section that the sliding mode gain should also have a upper

limit when considering the observer is implemented in a digital processor.
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Both the motion equation (3.16) and (3.17) can be rewritten into the following form

Jeq
dωM
dt

= TM − CMωM − TD (6.1)

where Jeq is the equivalent inertial connected on the motor rotor and TD is the

torque transmitted by the dog clutch. Applying the backward Euler discretization

to (6.1) yields

ωk+1
M = ωkM +

Tsc
Jeq

(
T kM − CMωkM − T kD

)
(6.2)

where the superscript k means a variable at kth sampling instant and Tsc is the sam-

pling period. Based on the model (6.2), an extended sliding mode torque observer

is designed as

ω̂k+1
M = ω̂kM +

Tsc
Jeq

(
T kM − CMωkM − T̂ kD − Tsmo

)
(6.3)

T̂ k+1
D = T̂ kD + λTscTsmo (6.4)

where the hat “ˆ” denotes the estimated variable, λ > 0 is the adaption gain for

the torque estimation and Tsmo represents the sliding mode control function needs

to be designed. Subtracting (6.2) from (6.3) results in

ek+1
ω = ekω +

Tsc
Jeq

(
−ekT − T ksmo

)
(6.5)

where eω = ω̂M−ωM is speed estimation error and eT = T̂D−TD is torque estimation

error. To derive the control function Tsmo, the sliding surface is selected as S = eω =

ω̂M − ωM and the following reaching law [197] is employed.

Sk+1 = Sk − Tsc(qZ(Sk) + hSk) (6.6)

where q > 0 and h > 0 are two reaching law parameters, and Z(Sk) is a boundary
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switching function defined as

Z(Sk) =



Z0 ekω > Z0

ekω
∣∣ekω∣∣ < Z0

−Z0 ekω < −Z0

(6.7)

where Z0 > 0 is the boundary width. Substituting (6.6) into (6.5) yields

qJeqZ(Sk) + hJeqS
k = ekT + Tsmo. (6.8)

As torque estimation error is unknown, Tsmo can be finally chosen as

T ksmo = qJeqZ(Sk) + hJeqS
k (6.9)

Stability Analysis

In the digital implementation, the concerned state variable is unable to precisely

stay on the sliding surface, but only can move around it. To maintain stability,

the state variable should always approach to the sliding surface if it is out of the

boundary layer, namely

∣∣Sk+1
∣∣ < ∣∣Sk∣∣ if

∣∣Sk∣∣ > Z0 (6.10)

The case when
∣∣Sk∣∣ < Z0 will be studied later after solving (6.10). To satisfy

condition (6.10), two cases, i.e., positive and negative values of Sk are considered.

Case I : If Sk+1 > 0, inequality (6.10) can be rewritten as
Sk+1 − Sk < 0

Sk+1 + Sk > 0

(6.11)
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Considering Sk > Z0, the following deduction can be obtained based on (6.5) and

(6.9)

Sk+1 − Sk = Tsc

(
− e

k
T

Jeq
− qZ(Sk)− hSk

)
< Tsc

(
− e

k
T

Jeq
− qZ0 − hZ0

)
(6.12)

When

(q + h)Z0 > −
ekT
Jeq

, (6.13)

Sk+1 − Sk < 0 holds. From (6.5) and (6.9), Sk+1 + Sk can be expressed as

Sk+1+Sk = 2Sk+Tsc

(
− e

k
T

Jeq
− qZ(Sk)− hSk

)
> (2−hTsc−qTsc)Z0−Tsc

ekT
Jeq

(6.14)

When

(q + h)Z0 <
2Z0

Tsc
− ekT
Jeq

, (6.15)

Sk+1 + Sk > 0 holds.

Case II : If Sk < 0, (6.10) can be expanded as

Sk+1 − Sk > 0 (6.16)

Sk+1 + Sk < 0 (6.17)

Omitting the tedious deriving process and following the same procedure as case I,

it is found that (6.16) and (6.17) are equivalent to the following two inequalities

(q + h)Z0 >
ekT
Jeq

(6.18)

(q + h)Z0 <
2Z0

Tsc
+
ekT
Jeq

(6.19)

Combining (6.13), (6.15), (6.18) and (6.19), if the following inequality holds∣∣ekT ∣∣
Jeq

< (q + h)Z0 <
2Z0

Tsc
−
∣∣ekT ∣∣
Jeq

, (6.20)



132

஽ܶ
௞ ௦ܶ௖ ⁄௘௤ܬ

ݖ െ 1 ൅ ݍ ൅ ݄ ௦ܶ௖
ݍ ൅ ݄ ௘௤ܬ ߣ ௦ܶ௖

1
෠ܶ஽௞ݖ

෠ܶ஽௞ାଵ൅െ ௦ܶ௠௢
௞݁ఠ௞ ൅

൅

Fig. 6.1: Equivalent model of the proposed torque estimation.

then (6.10) is always satisfied. The existing literature usually derives the minimum

requirement of the sliding mode gain only and the upper limit is neglected. It will be

verified in Section 6.4 that the upper boundary is necessary to avoid high-frequency

chattering in the torque estimation. To ensure there is a solution for (6.20), the

upper limit should be larger than the minimum requirement, i.e., (6.21) must be

satisfied.

Z0 >

∣∣ekT ∣∣Tsc
Jeq

(6.21)

The conditions (6.20) and (6.21) are derived when
∣∣Sk∣∣ > Z0. In the following text,

the case when
∣∣Sk∣∣ < Z0 is considered.

Based on (6.7), substituting (6.9) into (6.5), the following transfer function can be

derived if
∣∣Sk∣∣ < Z0

Gω(z) =
eω(z)

eT (z)
= −Tsc

Jeq

1

z − 1 + (q + h)Tsc
(6.22)

where z is a shift operator in the discrete-time domain. The pole of the system

Gω(z) is

Pω = 1− (q + h)Tsc (6.23)

To maintain a stable speed estimation, |pω| < 1 should be hold, i.e.,

0 < q + h <
2

Tsc
(6.24)
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From (6.4), (6.9) and (6.22), the diagram of the torque estimation loop can be

derived as shown in Fig. 6.1. From the figure, the transfer function from the actual

clutch torque to the estimated clutch torque can be obtained as

GT (z) =
T̂D
TD

=
λ(q + h)T 2

sc

z2 − (2− (q + h)Tsc) z + 1 + (λTsc − 1)(q + h)Tsc
(6.25)

The poles of GT (z) are

P 1,2
T =

2− (q + h)Tsc ± Tsc
√

(q + h)(q + h− 4λ)

2
(6.26)

If

λ =
q + h

4
(6.27)

a critically damped system can be obtained and thus the overshoot can be avoided

in the dynamic process. It should be noted that |P 1,2| < 1 always holds with the

selected λ due to the limitation of (6.24) thereby a stable torque estimation can be

ensured.

Performance Analysis and Parameter Tuning

With a constant TD, the final value of T̂D can be solved from (6.25) according to

the final value theorem (chapter 2-4 in [198]) as

lim
k�∞

T̂ k
D = lim

z�1

(
(1− z−1)

λ(q + h)T 2
sc

z2 − (2− (q + h)Tsc) z + 1 + (λTsc − 1)(q + h)Tsc

TD
1− z−1

)
= TD

(6.28)

It is clear that the estimated torque T̂D from the proposed DSMTO can finally

converge to its actual value without estimation error. As seen in (6.22), the system

Gω behaves like a low-pass filter if q+h < 1/Tsc holds. On the contrary, the system

is vulnerable to high-frequency noise if q + h is chosen to be larger than 1/Tsc. To
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Fig. 6.2: Frequency responses of GT (z) with 1 kHz sampling frequency.

achieve fast dynamic response without high sensitivity to the measurement noise,

the following critical condition is selected.

q + h =
1

Tsc
(6.29)

From (6.27) and (6.29), the parameter λ can be determined as

λ =
1

4Tsc
(6.30)

Additionally, as the estimated T̂D can accurately track the actual torque TD, the

estimation error
∣∣ekT ∣∣ would be small during normal operation. In order to satisfy

(6.20), the minimum value of Z0 should be 0.5 under the prerequisite (6.29) if the

impact of
∣∣ekT ∣∣ is neglected. However, to increase system robustness against the

torque estimation error and reduce chattering, Z0 = 1 is chosen in this study. In the

reaching law (6.6), q represents constant reaching rate and h denotes proportional

reaching rate. To obtain faster dynamic response, larger h is required if state variable

is far away from the sliding surface whilst larger q is favorable when the state variable

is close to the sliding surface. For simplicity, equal weight is given to the q and h in

this study, i.e.,

q = h =
1

2Tsc
(6.31)
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Fig. 6.3: Block diagram of the proposed DSMTO.

With the selected observer parameters, Fig. 6.2 shows frequency responses of GT (z)

when the Tsc = 1 ms. It is seen that GT (z) presents the characteristic of a low-pass

filter. Therefore, the high-frequency harmonics can be effectively attenuated in the

estimated clutch torque. In summary, the proposed DSMTO can give an accurate

estimation of the torque transmitted by the dog clutch while suppressing high-

frequency harmonics. The schematic diagram of the proposed DSMTO is presented

in Fig. 6.3.

Calculation of Clutch Torque

As there are two motor drives in the studied transmission, two DSMTOs can be

constructed based on motion equations (3.16) and (3.17), giving two torque estima-

tions T̂DM1 and T̂DM2 respectively. Comparing (3.16) and (3.17) with (6.1), T̂DM1

and T̂DM2 can be expressed as

T̂DM1 = T̂D1/r1 + T̂D3 (6.32)

T̂DM2 = T̂D2/r2 − T̂D3 (6.33)

As at least one of the dog clutches D1, D2 and D3 is disengaged, the clutch torque

T̂D1, T̂D2 and T̂D3 can be calculated from (6.32) and (6.33) according to dog clutch
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Table 6.1 : Torque estimations under different clutch states.

D1 D2 D3 T̂D1 T̂D2 T̂D3

1 1 0 r1T̂DM1 r2T̂DM2 0

1 0 1 r1

(
T̂DM1 + T̂DM2

)
0 -T̂DM2

0 1 1 0 r2

(
T̂DM1 + T̂DM2

)
T̂DM1

1 0 0 r1T̂DM1 0 0

0 1 0 0 r2T̂DM2 0

0 0 0 0 0 0
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Fig. 6.4: Control diagram of the proposed active damping control.

states. For example, if dog clutches D1, D2 are engaged and D3 is disengaged,

T̂D3 = 0 holds in this case. Then, T̂D1 and T̂D2 can be calculated from (6.32) and

(6.33) as T̂D1 = r1T̂DM1 and T̂D2 = r2T̂DM2. Similarly, T̂D1, T̂D2 and T̂D3 in other

cases can be derived and they are summarized in Table 6.1.

6.2.2 Principle of the Active Damping Control

In practical situation, unknown disturbances such as ripples in the motor torque

and imperfect motor speed synchronization, may cause driveline resonance. There-
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fore, it is essential to incorporate an active damping control to suppress vibrations

induced by unknown disturbances to improve driving comfort. If there are driveline

oscillations, the torque transmitted by the dog clutch would also contains ripple com-

ponents. Through the feedback of these ripple components, it is possible to suppress

the driveline resonance during dynamic process. To avoid the interference between

the damping controller and the gearshift controller, only the oscillating component

should be fed to the damping controller. In this study, a second-order high pass

filter (HPF) GHPF (s) show in (6.34) is used to extract the ripple component in the

clutch torque TD.

Trip(s) =
s2

s2 + 2ξωns+ ω2
n︸ ︷︷ ︸

GHPF (s)

 1

τs+ 1︸ ︷︷ ︸
control delay

T ref − TD

 (6.34)

where ξ is the damping ratio usually set as
√

2/2 for optimum dynamic performance

and ωn is the nature frequency which can be set as the lowest resonant frequency of
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Fig. 6.6: Schematic diagram of an ideal gearshift process.

the powertrain. To compensate for the control delay of the motor drive, the delay

model expressed in (3.25) is incorporated for higher accuracy. The block diagram of

the proposed active damping control is demonstrated in Fig. 6.4. In the proposed

method, only the proportional controller with a gain kac is utilized so that the DC

drift of the integral controller and high noise-sensitivity of the derivative controller

can be avoided. The frequency responses of the powertrain system with the proposed

active damping control is illustrated in Fig. 6.5. Obviously, the proposed method can

effectively reduce the resonant peak whilst the responses at low and high frequency

range is almost unaffected. For digital implementation, GHPF (s) can be discretized

by the Tustin method with Tsc = 1 ms and ωn = 54 rad/s as

GHPF (z) =
0.96255− 1.9251z−1 + 0.96255z−2

1− 1.9237z−1 + 0.9265z−2
(6.35)
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6.3 Gearshift Control of DMMT

A complete gear shifting process contains five stages in the proposed control method,

including 1) release load from the motor preparing for gearshift and increase the

torque of the other motor simultaneously to fill up torque gap; 2) disengage the off-

going dog clutch when its torque is decreased to zero; 3) synchronize motor speed

to the target gear; 4) engage the on-going dog clutch for the target gear; and 5)

re-balance torque between the motor M1 and M2. A schematic diagram of these

stages is illustrated in Fig. 6.6. For clear explanation, changing the gear for the

motor M1 is taken as an example to detail the gearshift process. Due to symmetry

of M1 and M2 in the powertrain configuration, the same procedure is applied to the

case when M2 changes the gear.

Stage 1: Reduce the load from the motor M1 so that the torque transmitted by

the connected clutch can be eventually decreased to zero. At the same time, the

output torque of M2 is increased to compensate for the torque gap. As seen from

the motion equation (6.1), the second derivative of the speed (jerk) is proportional

to the first derivative of the torque. To reduce vehicle jerk during gearshift, the

clutch torque should be increased/decreased smoothly. In this stage, the following

third-order polynomial [11] is adopted as the torque trajectory.

T refD1 (t) =
2TD0(t− t0)3

(t1 − t0)3
− 3TD0(t− t0)2

(t1 − t0)2
+ TD0 (6.36)

T refout (t) =
2(Tt − T0)(t− t0)3

(t1 − t0)3
− 3(Tt − T0)(t− t0)2

(t1 − t0)2
+ T0 (6.37)

T refD2 (t) = T refout /rf − T
ref
D1 (6.38)

where t0 is the instant when the stage 1 starts and t1 is the expected instant when
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the stage 1 ends; T refD1 is the torque reference for the dog clutch connected to M1;

T refD2 is the torque reference for another clutch connected to M2; T refout is the reference

of output torque from the final drive; TD0 and T0 are values of T refD1 and T refout at the

instant t0 respectively; and Tt is the expected output torque after the gearshift and

it is calculated based on the driver input as follows

Tt = γ · rf · (rnew1 Tn1 + r2Tn2) (6.39)

where γ represents percentage of the throttle opening; rnew1 denotes the target gear

ratio; r2 is reduction ratio of the gear connected to the M2; and Tn1 and Tn2 are the

rated torque of M1 and M2 respectively. From (6.37), the first and second derivative

of T refout can be solved as

dT refout

dt
=

6(Tt − T0)(t− t0)2

(t1 − t0)3
− 6(Tt − T0)(t− t0)

(t1 − t0)2
(6.40)

d2T refout

dt2
=

12(Tt − T0)(t− t0)

(t1 − t0)3
− 6(Tt − T0)

(t1 − t0)2
(6.41)

It can be easily calculated that dT refout /dt = 0 holds at t = t0 and t = t1. Hence, the

vehicle jerk is zero in theory when the stage 1 starts and ends. Solving d2T refout /dt
2 = 0

for time t, it can be found that the maximum dT refout /dt would occur at t = 0.5(t0+t1)

and the maximum value of dT refout /dt can be calculated from (6.40) as

dT refout

dt

∣∣∣∣∣
max

=
1.5(Tt − T0)

t1 − t0
(6.42)

Considering vehicle speed ωv is the product of tire radius rw and wheel speed, the

maximum vehicle jerk resulting from the variation of Tout can be derived from (6.42)

as (6.43) if the impact of other disturbances, such as load and driveline oscillations
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Fig. 6.7: Schematic diagram of the speed regulation during gearshift.

are neglected.

d2ωv
dt2︸ ︷︷ ︸
Jk

∣∣∣∣∣∣∣∣
max

=
rw
Jv

dT refout

dt
=
rw
Jv

1.5 |Tt − T0|
t1 − t0

(6.43)

Based on (6.43), the time duration t1−t0 can be solved from the maximum acceptable

vehicle jerk Jkmax as

∆t = t1 − t0 =
rt
Jv

1.5 |Tt − T0|
Jkmax

(6.44)

To avoid high vehicle jerk during gearshift, ∆t expressed in (6.44) indicates the

minimum time required for the stage 1.

Stage 2 : Disengage dog clutch connected to motor M1 when the transmitted torque

is decreased to zero. As the contact force of the dog clutch is controlled to be

around zero in this stage, the dog clutch can be safely disengaged without inducing

significant transient oscillations in the powertrain. Stage 3: Synchronize the speed

of M1 to that of the target gear. After the dog clutch is disengaged and the motor

M1 is disconnected from the transmission, the motor drive will be switched from

the torque control mode to the speed control mode. In this stage, a PI controller

is used to regulate motor speed as shown in Fig. 6.7. As mechanical time constant

is much larger than the control delay of the motor drive, the torque control loop in

the motor drive can be assumed to be unit when designing the speed controller [47].

Therefore, with a PI controller, the closed-loop transfer function can be obtained
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from Fig. 6.7 as

Gsp(s) =
ωM1(s)

ωref (s)
=

kp/JM · s+ ki/JM
s2 + kp/JM · s+ ki/JM

(6.45)

where ωref is the speed reference of the target gear calculated as

ωref =
ωM2 · r2

rnew1

(6.46)

Setting the poles of Gsp(s) as that of the second-order Butterworth-type filter, the

PI gains can be designed as

kp =
√

2JMωc (6.47)

ki = JMω
2
c (6.48)

where ωc is the cut-off frequency. Higher ωc leads to faster dynamic responses but

also higher noise-sensitivity. Based on the trade-off between dynamic and steady-

state performance, ωc is chosen as 80 in this study.

Stage 4: Engage dog clutch. As the motor speed has been synchronized to the target

gear in the stage 3 and the contact force is controlled to be around zero, the dog

clutch can be safely engaged in this stage.

Stage 5: Re-balance the torque between M1 and M2. Once the target gear is

engaged, the torque transmitted by two clutches should be recovered to its normal

value. In this stage, the output torque of M1 is gradually increased while the torque

of M2 is simultaneously decreased so that the output torque of the transmission

is kept constant as seen in Fig. 6.6. The same as the stage 1, the third-order

polynomial is adopted as the torque trajectory for T refD1 . Since the initial value of
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Fig. 6.8: Control diagram of the proposed gearshift controller.

TD1 in this stage is zero, T refD1 (t) can be computed as

T refD1 (t) =
2Tdt(t− t0)3

(t1 − t0)3
− 3Tdt(t− t0)2

(t1 − t0)2
(6.49)

where Tdt = γ · r1 · Tn1 is the target torque transmitted by the dog clutch D1. To

keep the output torque of the transmission at its target value Tt, T
ref
D2 is calculated

as

T refD2 = Tt/rf − T refD1 (6.50)

From the above gearshift process, it is found that the clutch torque should be con-

trolled to follow their reference. A closed-loop clutch torque control is thus necessary

to achieve the desired performance. Additionally, the previously introduced active

damping control should be integrated so that the driveline vibrations induced by

the torque variation and imperfect speed synchronization can be suppressed. Based

on the proposed DSMTO, the whole control diagram is shown in Fig. 6.8. From

the figure, it is seen that the clutch torque control includes a feedforward part to

increase dynamic response and a feedback PI controller to enhance system robust-

ness against disturbances. The active damping control shown in Fig. 6.4 is also
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torque during gearshift.

incorporated in order to suppress driveline resonance.

6.4 Simulation and Experimental results

In all simulation and experimental tests, the sampling frequency is set as 1 kHz for

the DSMTO and gearshift controller. In practical application, the motor drive is

usually fed by a inverter whose output contains high frequency harmonics. To make

the simulation closer to the reality, random noise is deliberately added in the motor

output torque and speed measurement in all simulation tests.

6.4.1 Verification of DSMTO

As the gearshift controller and active damping controller are designed based on the

proposed DSMTO, it is necessary to verify its effectiveness first. Fig. 6.9 shows

simulation results of the estimated clutch torque during a gearshift process. It is
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seen that torque trajectories are third-order polynomial during transient process as

defined in Section 6.3. Although there are significant high-frequency ripples in the

motor torque, the estimated clutch torque T̂D is relatively smooth without obvious

chattering and ripple components. During dynamic process, there is minor delay in

the torque estimation but the average value of T̂D well matches with its actual one

during steady state.

In prior methods, a large enough sliding mode gain is usually suggested to ensure

stability of the observer [195, 196]. However, as described in Section 6.2.1, there is

also a upper constraint in digital implementation to ensure the concerned state
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Fig. 6.10: Simulated results of the estimated clutch torque with (a) sliding mode gains larger

than the upper condition (6.20) and (b) sliding mode gains designed in this study.
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variable always move toward the boundary layer. If it is violated, significant chat-

tering phenomenon would occur. Fig. 6.10 shows responses of the estimated clutch

torque when the sliding mode gain is larger than the upper limit derived in this

chapter. For comparison, the waveform of T̂D with observer parameters designed in

Section 6.2.1 is also illustrated. Additionally, to justify the proposed DSMTO can

effectively track the low-frequency oscillations in the driveline, the active damping

controller is disabled in this test. It is clear that the DSMTO with well designed

parameters presents much smaller ripples. The estimated T̂D can well follow the

torque vibrations induced by gearshift. On the contrary, there are significant har-

monic components when observer parameters are not properly selected according to

the conditions derived in this chapter.

To further verify the effectiveness of the proposed DSMTO, it is tested on a down-

scaled test-rig as shown in Fig. 6.11, which includes an induction motor and a

magnetic powder brake used to emulate the load applied from the clutch to the

motor. Fig. 6.12 shows experimental results when the 14 Nm load is suddenly



147

1800

900
23

-2
18

0.5s/div

-2

߱ெሺrpmሻ

ெܶሺNmሻ

෠ܶ஽ሺNmሻ

߱ெෝ߱ெ

Fig. 6.12: Experimental tests of DSMTO when the load torque is suddenly applied and released.

1575

0
23

11
18

200 ms/div

4

߱ெሺrpmሻ

ெܶሺNmሻ

෠ܶ஽ሺNmሻ

߱ெෝ߱ெ

Fig. 6.13: Experimental results of torque estimation with varied motor speed.



148

applied and then released by the powder brake. In the figure, the motor speed is

controlled at 1500 rpm by the PI controller shown in Fig. 6.7. When the load

is suddenly applied and released, the motor torque changes accordingly to counter

the impact of the load on speed tracking. During transient process, the motor

speed slightly deviates from the reference but recovers quickly. The estimated load

torque T̂D can smoothly converge to its actual value after the load is applied and

released. Although noise and ripples exist in the measured speed and motor torque,

the estimated speed ω̂M keeps consistent with the actual speed ωM and there is no

chattering in both ω̂M and T̂D. Apart from the test under load change, performance

under speed variation is also examined. As seen from Fig. 6.13, the motor is

initially running at 150 rpm and then accelerates to 1500 rpm while 14 Nm load is

always applied by the powder brake. It is seen that the waveform of the estimated

speed ω̂M almost coincides with the actual speed ωM during both dynamic and

steady state. This indirectly validate the correctness of the estimated load torque.

Moreover, the average value of the estimated torque T̂D is not affected by the varied

speed, indicating the decoupled speed estimation and load torque estimation is well

achieved. As the ratio of inverter switching frequency over the fundamental voltage

frequency decreases with larger motor speed, the output torque TM contains more

harmonics when ωM increases [164]. However, the estimated torque T̂D is kept

smooth without significant high-frequency ripples because of filtering effect of the

DSMTO.
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Fig. 6.14: Simulation results of power-on upshift when M1 changes gear from G1 to G3.

6.4.2 Verification of Gearshift Control

To verify the effectiveness of the proposed control scheme, simulations were car-

ried out in the environment of Matlab/Simulink. To justify that the developed

control scheme can be easily integrated into the motor controller, the control al-

gorithm illustrated in Fig. 6.8 was implemented on a digital signal processor TI

TMS320F28335-based control board shown in Fig. 6.11. The program code of the

control algorithm was auto generated by the MATLAB/Embedded Coder toolbox

and then it was downloaded into the processor. In practical test, it only takes

8.79 µs to execute the whole control algorithm, including DSMTO, active damping

control and clutch torque control. Considering the execution time is much smaller

than the 1 ms sampling time required here, the result indicates the online compu-

tation burden of the proposed method is small and suitable for implementation on

an embedded microcontroller.
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Fig. 6.15: Simulation results of power-on downshift when M1 changes gear from G3 to G1.

Fig. 6.14 shows simulated responses when the power-on upshift command of shifting

the motor M1 from the gear G1 to G3 is applied at 0.2 s. In the test, M1 and M2 are

initially connected to the gear G1 and G2 respectively. To complete gearshift, the

clutch D1 should be disengaged first from G1 and then engaged with G3. When the

gearshift begins, the torque of M1 gradually decreases following the predefined third-

order polynomial while the torque of M2 rises to compensate for power reduction

from M1. Generally, an electric motor has excellent short-time overload ability.

Hence, it is not a problem for M2 to increase the power even over its rated value

temporarily. Meanwhile, the output torque Tout smoothly decreases to its target

value in this stage. After the clutch torque TD1 is regulated to around zero, the

clutch D1 can be disengaged and then the speed of M1 is controlled to match the

speed of gear G3. It should be noted that the motor torque is saturated to ± 50 Nm

during the process of speed synchronization to reduce overshoot/undershoot. After
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that, D1 is engaged with G3 and the output torques of M1 and M2 are recovered.

With the proposed gearshift control, the whole shifting process takes around 0.65

s with the maximum vehicle jerk less than 4 m/s3. In addition to the upshift test,

the results of the opposite downshift which shifts M1 from G3 to G1 while keeping

M2 connected to G2 are demonstrated in Fig. 6.15. Similar to the upshift result,

downshift can also be finished in a short time with small vehicle jerk and the induced

driveline oscillation can be controlled to decay quickly. To more clearly validate the

effectiveness of the proposed gearshift control, Fig. 6.16 compares responses of the

following four cases when the same shift command as that in Fig. 6.14 is applied:

1) without both closed-loop clutch torque control and active damping control; 2)

with only closed-loop clutch torque control; 3) with only active damping control;

and 4) with both closed-loop torque control and active damping control. In all

the presented results, the five stages of gearshift similar to that in Fig. 6.6 can be

clearly identified. From Figs. 6.16a and 6.16c, it is seen that there would be high

oscillations in the output torque Tout and large oscillations in the vehicle jerk after the

disengagement/engagement of the clutch if the proposed closed-loop clutch torque

control is not implemented. Additionally, if the active damping controller is disabled,

as show in Figs. 6.16a and 6.16b, the induced driveline vibrations would last for

a long time due to poor damping of the system. By comparison, when the clutch

torque control and active damping control are both enabled, there is significantly

less oscillations in the vehicle jerk and the induced vibrations decay quickly. These

comparative results confirm that both closed-loop clutch torque control and active

damping control are essential to achieve high quality gearshift.
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Fig. 6.16: Comparative results of power-on upshift. (a) without both closed-loop clutch torque

control and active damping control; (b) with closed-loop clutch torque control but without active

damping control; (c) with active damping control but without closed-loop clutch torque control;

(d) with both closed-loop clutch torque control and active damping control.
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Fig. 6.17: Simulated responses when M1 and M2 shift from simultaneous working condition to

the separate working condition.
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Fig. 6.18: Simulated responses when M1 and M2 shift from separate working condition to the

simultaneous working condition.
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Fig. 6.17 illustrates the case when M1 and M2 shift from the simultaneous working

condition to the separate working condition. At the beginning, both M1 and M2

are connected to the gear G1. From 0.2 s, M2 begins to shift to G2. To complete

gearshift, all three clutches D1, D2 and D3 are operated. At the first step, the output

torque of M2 is reduced, meanwhile, the torque of M1 is increased so that the torque

transmitted by D3 can be finally decreased to zero without causing torque hole in the

output. Then, D3 is disengaged and the speed of M2 is regulated to track the speed

of G2 at the second and third steps respectively. After the speed synchronization

is completed, D2 is engaged to connect M2 with the gear G2 in the fourth step.

At the last step, the torque of M2 is increased to re-balance the output power of

M1 and M2. With the proposed gearshift control, the vehicle jerk during shifting

process is small with very short duration of oscillations, indicating satisfactory shift

smoothness and driving comfort are achieved. The opposite operation, i.e., shifting

the M1 and M2 from the separate working condition to the simultaneous working

condition is shown in Fig. 6.18. Similar to that in Fig. 6.17, smooth and fast

gearshift is achieved by coordinated motor speed and torque control.

6.5 Summary

In this chapter, the closed-loop clutch torque control plus active vibration damping

was proposed to achieve smooth and fast gearshift for a dual motor-based multi-

speed transmission. As the torque transmitted by the dog clutch is not directly

available to provide feedback, an extended discrete-time sliding mode torque ob-

server was designed and verified by simulation and experimental tests. The results
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validated that the proposed torque observer can estimate the clutch torque accu-

rately with satisfactory immunity against high-frequency harmonics. The whole

control algorithm is simple and computationally light for integration into the motor

drive controller, which is helpful to avoid complex compensation for the network

communication delay. The test under different shifting conditions confirmed the

effectiveness of the proposed method. The presented results showed that the closed-

loop clutch torque control can help to reduce up-down fluctuations in the output

torque during disengagement/engagement of the dog clutch, whilst active damping

control can significantly reduce the duration of low-frequency torsional vibrations in

the transmission.
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Chapter 7

Conclusions and Future Works

7.1 Conclusions

Integrating the multi-speed transmission into the pure electric vehicle is regarded as

a viable scheme to improve the powertrain efficiency and driveability. This thesis

focus on the control of a dual input clutchless multi-speed transmission. Specifically,

some high performance control methods were investigated for the control of motor

drives and gear-shifting. The main work and contributions of this thesis can be

summarized as follows:

• A novel feedback gain matrix was proposed for the adaptive full-order observer,

which can ensure the estimated speed always converge to its actual value.

Therefore, it can be applied to start a free-running motor without a speed

sensor in practical application. For most speed-sensorless control schemes, the

motor is assumed to be started from standstill. However, for applications with

large shaft inertia, it is time consuming to wait a free-running motor to stop.

Thus, it would be beneficial for a rotating motor to resume to normal operation

after a power interruption. With the the proposed feedback gain matrix based-

full order observer, it was verified by simulation and experimental tests that

the induction motor can be smoothly and safely started at the free-running

state.
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• A parameter tuning method was proposed for the conventional discrete-time

complex-vector current controller. Although the prior discrete-time complex-

vector current controller shows satisfactory steady-state performance and can

work stably under low frequency ratio, its dynamic response is not that fast.

Therefore, a disturbance estimation based-digital predictive current controller

was further proposed in the stationary reference frame for the IM drive. Simu-

lation and experimental results confirm the superiority of the proposed digital

predictive current controller in term of dynamic performance.

• A method of integrating the hybrid synchronous PWM schemes into the closed-

loop current control was introduced. Considering the existing methods of

smooth transition between different synchronous PWM schemes are either

complex or not suitable for low frequency ratio, a novel method by compen-

sating the phase angle of the voltage command is deduced in detail through

analyzing the flux trajectories of different synchronous PWM schemes. In

this way, the design of the current controller and PWM schemes are decou-

pled. Additionally, the varying sampling rate with online correction scheme

was proposed to maintain symmetry of the output voltage pulses from the

inverter. Experimental tests were carried out to validate the effectiveness of

the proposed method.

• The PMSM model is modified so that the design principle of the discrete-

time current controller for the nonsalient machine can be applied to the con-

troller design for the salient PMSM. Based on the modified PMSM model, a

discrete-time complex-vector current controller and a digital predictive cur-
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rent controller were developed in the synchronous reference frame. Simulation

and experimental results confirmed their good performance even under low

frequency ratio.

• To ensure satisfactory position estimation accuracy with low frequency ratio,

a digital position estimator was developed for the PMSM drive. To reduce

the computational burden, the back-EMF term related coefficient is simplified

without sacrificing the precision. Due to the inherent filtering capacity, no

additional filters or phase locked loop is required to suppress high-frequency

harmonics. Simulation and experimental results validated that the proposed

position estimator can accurately estimate the rotor position over a wide speed

range under different load conditions.

• A detailed mathematical model of the DMMT was developed. It was shown

that the powertrain damping at some specific frequencies is relatively small

which would result in torsional vibrations when the motor torque varies. To

suppress such vibrations, an active damping control scheme was proposed

based on the feedback of ripple components of the clutch torque. It was shown

that the proposed active damping control method could effectively suppress

the shaft vibrations induced by the unknown disturbances and motor torque

variation. Unlike some of the prior methods, the developed active damping

control scheme does not require the wheel speed. Therefore, the complex

compensation for the commutation delay is avoided. Additionally, only a pro-

portional gain is required to tune in the proposed method. Hence, no effort

is required to deal with issues of anti-windup and noise attenuation for the
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integral controller and derivative controller respectively, indicating that the

proposed active damping control is easy to be debugged in practical imple-

mentation.

• Considering the measurement of the shaft torque is usually not feasible in

practical application, a discrete-time sliding-mode torque observer (DSMTO)

was designed to facilitate smooth and fast gearshift. In the existing literature,

the minimum value of the sliding-mode gain is usually derived to guarantee the

stability of the observer. However, it was shown in this thesis that the sliding-

mode gain should also have a upper limit when considering the observer is

implemented in a digital processor. Due to the inherent low-pass filtering

effect, the proposed DSMTO is immune against measurement noise and there

is no high-frequency chattering problem as that of the conventional sliding

mode observer. Simulation and experimental tests were performed to validate

the proposed DSMTO can accurately estimate the clutch torque at different

speed and load conditions.

• A gearshift control method based on the closed-loop torque regulation was

proposed for the DMMT. By coordinated motor torque and speed control, fast

gearshift without power interruption was achieved. The shifting procedure,

shifting duration, and shifting controller were developed to achieve fast and

smooth gearshift. With the proposed shifting control scheme and the active

damping controller, the vehicle jerk can be controlled within the satisfactory

level and the induced driveline oscillations decay quickly. In the practical

test on a modern digital signal processor, it only takes 8.79 µs to execute the



160

whole control algorithm, indicating that the online computation burden of the

proposed gearshift control is very light and suitable for implementation on an

embedded microcontroller.

7.2 Future Work

The future tasks that can be further investigated based on the research work in

this thesis are suggested as follows:

1. The proposed feedback gain matrix of the adaptive full order observer results

in poor damping at high-speed operation. It would be better to modify the

speed adaption law to guarantee the speed convergence when estimating the

initial speed of a free-running IM.

2. The proposed digital predictive current controller presents zero steady-state

tracking error with motor parameter mismatches. However, the dynamic per-

formance especially during fast transient process would be deteriorated if mo-

tor parameters deviate significantly from the their values. Hence, a proper

online parameter adaption scheme to make the controller more robust against

parameter errors.

3. The synchronous PWM schemes employed in this thesis are space vector mod-

ulation based methods. The other modulation techniques such as selective har-

monic elimination PWM (SHEPWM) and current harmonic minimum PWM

(CHMPWM) can be applied and tested based on the proposed transition strat-

egy.
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4. With the synchronous PWM methods, the inverter can be operated at a rela-

tively lower switching frequency, higher harmonics. Hence, the system level re-

search should be carried out to determine the best modulation method among

different PWM schemes to achieve globally minimized power loss.

5. As the modeled based position estimator for PMSM drives can not reliably

work at very low speed, the signal-injection-based schemes should be employed

during low speed operation. Moreover, the strategy that can start a free-

running PMSM without a position sensor should be investigated.

6. The control of both IM and PMSM drives is investigated in this thesis. IM

features simplicity, low cost but lower efficiency especially in low speed range.

PMSM is superior in terms of power density and efficiency but its cost is

relatively higher and some rare-earth material is required in PMSM. For the

studied DMMT, it is possible to employ both IM and PMSM. However, further

research is still required to determine the types of two motors based on the

trade-off among efficiency, reliability, cost, power density, etc.

7. The proposed active damping controller relies on the estimated shaft torque.

The damping controller can also be constructed based on the extraction of

motor speed ripples, which would be more suitable for fixed-ratio transmission

based electric vehicle because of the simplicity and robustness.
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Appendix A

See Table A.1.

Table A.1 : Powertrain parameters.

Symbol Description Inertial (kg m2) Symbol Damping (Nm-s/rad)

JM1 Motor 1 0.07 CM1,2 0.0015

JM2 Motor 2 0.07 CD1,2,3 80

JG1 Gear 1 0.0008 C1 80

Jp1 Pinion 1 0.0051 C2 60

JG2 Gear 2 0.0009 Symbol Stiffness (Nm/rad)

Jp2 Pinion 2 0.0051 kD1,2,3 2× 105

JFD Final drive 0.005 k1 2× 105

JFD1 Final drive 1 0.076 k2 2.25× 104

Jh Half shaft + Wheel hub 0.68 - -

Jv Vehicle 124 - -
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